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The continuous Complementary Metal-Oxide-Silicon (CMOS) technology scaling is the
driving force for lower cost, lower power, and higher data rate consumer electronics. However,
with today’s nano-scale transistors, addressing the applications at the upper millimeter-wave and
terahertz region are still challenging. In addition, the power performance is greatly limited by the
ever decreasing breakdown voltage. This dissertation presents and demonstrates the concepts of
using diodes built in CMOS without any process modifications to increase the circuit operating
frequency and power handling capability beyond that limited by the transistors.
Shallow trench isolated (STI) Schottky barrier diodes (SBD’s) fabricated in CMOS with
cut-off frequency (fco) well over 1 THz have been previously demonstrated. By eliminating the nwell region below a Schottky contact surrounded by an STI ring, a polysilicon gate separated
(PGS) SBD achieves higher fco and scales better with technology compared with a STI SBD. The
measured fco of PGS SBD is improved from the previously reported value of 1.5 to ~2 THz by
using an optimum layout in the UMC 130-nm logic CMOS process. A low leakage PGS SBD
having a p+-n guard ring with fco of 1.5 THz is reported for the first time. Besides these, the
measured reverse breakdown voltages of p-n diodes and SBD’s in the 130-nm logic CMOS

13

process are higher than 11 V, which is ~3-4X that of MOS transistors. Therefore, it is possible to
use these diodes to open up millimeter-wave and even terahertz region for low cost high volume
applications.
The utility of SBD’s for implementing millimeter-wave circuits is demonstrated by
characterizing a varistor-mode and a varactor-mode frequency doubler fabricated in the 130-nm
logic CMOS process. The varistor mode and varactor mode frequency doublers exhibit 14-dB
conversion loss (CL) at 132-GHz and 10-dB CL at 125-GHz output frequency, respectively.
These performances are comparable to that of the doubler fabricated in the SiGe BiCMOS
process. With the CMOS Schottky barrier diodes, it should be possible to implement frequency
doublers operating above 200 GHz.
Using a shunt p-n diode and shunt NMOS transistors in the 130-nm CMOS technology, a
single-pole-double-throw transmit/receive (T/R) switch operating at 57~66 GHz frequency band
has been successfully demonstrated. The switch exhibits insertion loss of ~2 and 3 dB for TX
and RX mode at 60 GHz, respectively. Measured input 1-dB compression point is limited by the
measurement setup and higher than 18 dBm. Isolation is ~20 dB at 60 GHz. This suggests that it
is possible to use a p-n diode in foundry CMOS like a PIN diode in millimeter-wave switches to
improve their power handling capability with small impact to insertion loss.
Lastly, the use of MOS varactor diodes in frequency multiplication for generating 62-GHz
LO signal for a 77-GHz radar system is suggested through a simulation study. By differently
biasing several shunt MOS varactors, the control voltage range over which the capacitance
changes from Cmin to Cmax can be extended, which improves power handling capability compared
to a single MOS varactor. In simulations, the doubler with a power amplifier can generate higher
than 0-dBm output at 62 GHz.
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CHAPTER 1
INTRODUCTION
The ever increasing demand for portable high data rate communications has driven
research to produce transceivers at lower cost, smaller size and higher operating frequencies [1].
Successful applications of Complementary Metal-Oxide-Semiconductor (CMOS) field-effect
transistors in the digital market [2] makes the fabrication cost much lower than its bipolar and
GaAs counterparts. Furthermore, as the device continues to be scaled, power consumption of
CMOS circuits is lowered and their intrinsic speed is increased [3]. This has made CMOS the
dominant technology for modern radio frequency (RF) communication applications.
A simple CMOS Time Division Duplex (TDD) transceiver architecture is shown in Figure
1-1. It is composed of linear functions performed by blocks [3] such as a low noise amplifier
(LNA), filter, T/R switch, etc. There are also signal-processing functions that can only be
implemented by nonlinear elements [4]. Examples include the generation of DC voltages from
AC signal, as in a rectifier, and frequency conversion blocks like mixers and frequency
multipliers/dividers. Power amplifiers (PA’s) can either be linear or nonlinear.
Tremendous works have been done to explore the use of metal-oxide field-effect
transistors (MOSFET’s) to build these RF transceiver blocks. CMOS transceivers operating at
100 GHz and higher seem possible [5]-[10]. The maximum transit frequency (ft) and maximum
frequency of oscillation (fmax) for MOSFET’s may reach up to ~500 GHz by the year 2014 [11].
Even with such transistors, addressing applications at upper millimeter-wave and terahertz region
will be challenging if not impossible. Also the lower breakdown voltage resulting from device
scaling limits power performance of MOSFET’s. Instead of searching for new materials or
devices for alternatives [12], [13], this research investigated the possibility of using diodes built
in CMOS to mitigate the problems.
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Figure 1-1. TDD transceiver architecture [2].
Diodes are the simplest and most fundamental devices in CMOS. The nonlinear I-V
characteristic [4] is suitable for RF switch applications such as mixer and T/R switch design.
Besides this, a diode can also be used as a voltage-controlled nonlinear capacitor, which is so
called “varicap” [14]. This can be used for harmonic generation in frequency multipliers.
This chapter starts out from a comparison of diodes and MOSFET’s in a CMOS
technology, the possibility of using CMOS based diodes for building RF transceiver blocks is
then discussed, and finally the overview of the dissertation is presented in the end.
1.1 CMOS Device Comparison for Transceiver Building Block Applications
1.1.1 P-n Junction Diode
P-n junction diodes are the simplest nonlinear devices in CMOS technology which are
formed whenever p-type and n-type semiconductors (silicon) are in contact [15]. A space-charge
region called “depletion region” forms when electrons diffuse from an n-type region into a ptype region. The charge variation with the applied bias in the depletion region gives rise to
“depletion capacitance”. In addition, under a forward bias condition, additional charges exist to
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maintain charge neutrality in the presence of excess minority carriers [16]. This leads to
“diffusion capacitance”. The diffusion capacitance like the current increases exponentially with
the diode forward bias voltage [17],

Cd   T

ID T IS
V

exp( bias )
VT
VT
VT

(1-1)

where, τT is diode transit time, IS is the diode reverse saturation current and VT is the thermal
voltage (26 mV at room temperature). Due to this rapid increase of diffusion capacitance with
forward bias voltage, p-n junction diodes in forward bias are not good for switching operation
beyond several hundred megahertz.
However, p-n junctions have some advantages. First is the lower capacitance at zero bias,
where the depletion capacitance Cj dominates. Cj can be expressed as [18]
Cj 

C jo
V m
(1  R ) j
Vbi

C jo  A

(1-2)

q r  o N D
2Vbi

(1-3)

where, VR is the applied reverse-bias voltage, mj is the junction grading coefficient, A is the
cross-sectional area of the junction, εr is the relative permittivity of silicon (= 11.8), εo is the
vacuum permittivity (= 8.85 × 10-14 F/cm), ND is the n-type doping concentration in silicon
assuming p-type doping concentration is much bigger, and Vbi is the built-in potential. Since the
built-in potential of p-n junction is around 0.7 V which is higher than that of metal
semiconductor junction (around 0.4 V or less), p-n junction diode possesses smaller zero-bias
junction capacitance as compared to that of Schottky diodes when the anode areas are the same.
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Secondly due to the high injection under large forward bias such that the injected minority
carrier density is comparable with the majority concentration [19], the small signal resistance
decreases much slower for Schottky diode with increased bias voltage as shown in Figure 1-2.
Besides these, p-n junction diodes have much higher breakdown voltage than MOSFET’s [19].
Therefore p-n junction diode is a very promising candidate to enhance the power handling
capability of T/R switches. Chapter 4 will discuss the design details of a p-n junction diode based
60-GHz T/R switch.
40
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p-n junction diode
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30
20
10
0

0
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Figure 1-2. Measured I-V curve comparison for a 16 cells of 0.32 µm × 0.32 µm Schottky
barrier diode and a p-n junction diode in the UMC 130-nm CMOS technology.
1.1.2 Schottky Barrier Diode

Unlike p-n junction diodes, a Schottky barrier diode is a majority carrier device because
the current conduction is almost entirely due to the thermal emission of electrons (majority
carriers). Thus it does not have the charge storage effect of a forward biased p-n junction diode.
This enables higher frequency operation of a forward biased Schottky barrier diode in frequency
multipliers, mixers and etc.
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In mixers, a Schottky barrier diode acts as a variable resistance or as a switch [20]. The
incremental small signal conductance of the junction can be expressed as
g (V ) 

d
d
V
1
I (V ) 
{I S [exp(
)  1]} 
I (V )
dV
dV
nVt
nVt

(1-4)

where n is the ideality of diode. The junction conductance is proportional to the large signal
junction current. Diode mixers are passive mixers which have conversion loss and require high
LO power. But it has broader bandwidth as compared to MOSFET based active mixers [20]. The
zero-bias cut-off frequency fco is a figure of merit for mixer diodes, which is defined as
f co 

1
2Rs C jo

(1-5)

where, Cjo is the zero-bias junction capacitance and Rs is the series resistance. Higher the fco,
lower the conversion loss of diode mixer [20].
For frequency multiplication, a Schottky diode is usually used as a varactor to achieve
reactive harmonic generation [21]. At high frequencies, the importance of minimizing parasitic
series resistance and maximizing junction capacitance variation become progressively
challenging. Besides the zero-bias cut-off frequency defined in Equation (1-5), the most
important figure of merit for a varactor diode is the dynamic cut-off frequency fcd:
f cd 

1
1
1
S  S min

(
)  max
2Rs Cmin Cmax
2Rs

(1-6)

where, S is the elastance, or inverse of capacitance. Smin is the minimum elastance, which occurs
as the junction voltage approaches the built-in potential Vbi. Smax is the inverse of the junction
capacitance at breakdown voltage. It is possible to create diodes with very high zero-bias cut-off
frequency but poor nonlinearity due to low fcd, which makes the diode inefficient for harmonic
generation. Hence, the Schottky diode characteristics have been optimized and the details are
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presented in Chapters 2 and 3. Based on this, a 125-GHz frequency doubler was realized and the
design considerations as well as measurements are discussed in Chapter 3.
1.1.3 MOSFET

For T/R switch and passive mixer applications, when a MOSFET is turned on, it is biased
in triode region and acts as a linear resistor. The small signal resistance is

rds 

1

Cox (

W
)(VGS  Vt )
L

(1-7)

where, µ is the carrier mobility, Cox is the gate capacitance per unit area, W is the width and L is
the gate length. When a MOSFET is off, the source (S)/drain (D) junction capacitances as well as
all the parasitic capacitances between the source and drain terminal contribute to the off-state
capacitance. Compared to diode based switches, a MOSFET switch has the advantages of lower
power consumption and a simpler bias network. Yet as discussed in section 1.1.1, the most
challenging part for designing MOSFET based switch is achieving high power handling
capability up to 1 W required for several wireless communication standards.
When used for harmonic generation, MOSFET frequency multipliers exhibit higher
conversion gain than passive diode frequency multipliers, especially at low to moderate
frequencies. However, at millimeter-wave and higher frequencies, Schottky diode multipliers
have better performance due to the significantly higher zero-bias cut-off frequency. This is
clearly shown in Figure 1-3 [11], [22]. At present, the maximum measured zero-bias cut-off
frequency of silicon Schottky barrier diode in the 130-nm CMOS technology is about 1.5 THz,
which is ~7X of that for 130-nm MOSFET’s. As the technology is scaled with time, Schottky
barrier diodes are expected to continue outperforming MOSFET’s.
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Figure 1-3. Cut-off frequency improvement with time.
1.2 Challenges of CMOS Based Diode Circuit Design

The first of all is the correct modeling of diodes. Since the diode parameters are not
provided by foundries, test structures must be implemented and measured. The de-embedding
method affects the accuracy of diode model. Careful measurements are required to minimize
measurement errors as the diode cut-off frequency and quality factor increases. Secondly, the
diode structures must be optimized for specific applications such as switch, frequency multiplier,
mixer and etc. Finally, a proper diode bias scheme is essential for integrated circuit applications.
Unlike MOSFET’s operating in the linear region, when a diode is turned on, there is significant
current flowing through the junction and the power consumption is non-negligible. Besides, a
bias circuitry should provide high impedance to a diode when it is off. Limiting the static power
consumption and presenting sufficient isolation to the diode are challenges for diode based
circuit design.
1.3 Overview of Dissertation

This work focuses on the design issues of CMOS based diode circuitries covering from
millimeter-wave frequency multipliers to T/R switches. The successful realization and evaluation
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of these blocks provide the support for the assertion that CMOS based diodes are necessary
components for high frequency applications.
The design and characterization of Schottky barrier diodes and p-n junction diodes are
presented in Chapter 2. Different Schottky barrier diode structures are compared. The DC
characteristic comparisons among Schottky barrier diodes and p-n junction diodes, Schottky
barrier diodes and Schottky barrier diodes with guard ring are presented. The scaling of zero-bias
cut-off frequency and junction grading coefficient with unit Schottky anode area is also studied.
Based on the measurements of diodes, a 130-GHz varasitor-mode diode frequency doubler
using a Schottky barrier diode with high fco is demonstrated in 130-nm CMOS. It achieves 14-dB
conversion loss and -11-dBm output power at 132 GHz. To increase conversion efficiency
further, an optimized diode structure is utilized to demonstrate a 125-GHz varactor-mode diode
frequency doubler in 130-nm CMOS. It exhibits 10-dB conversion loss and -1.5-dBm output
power at 125 GHz. Design considerations and simulation results are discussed in Chapter 3.
By exploiting the high breakdown voltages and cut-off frequency of p-n junction diodes, a
60-GHz hybrid p-n diode/MOS transistors T/R switch is experimentally demonstrated. The
switch exhibits ~2- and 3-dB insertion loss at 60 GHz in TX and RX mode, respectively. The
measured input referred 1-dB compression point limited by the measurement setup is higher than
18 dBm. The isolation is ~20 dB at 60 GHz in TX mode. The diode biasing circuit and method
of improving the isolation are presented in Chapter 4.
In Chapter 5, a distributed bias technique to increase the power handling capability of
conventional MOS varactor diodes is investigated through simulation. The detailed bias method
and MOS varactor modeling are discussed. The design of a 62-GHz frequency doubler using the
distributed biased MOS varactor diodes is presented. By combining with a 31-GHz power
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amplifier, the doubler is able to generate a 1-dBm 62-GHz output signal in simulation which can
be used as the LO signal for a 77-GHz radar system.
Finally, the dissertation is summarized and possible future works are suggested in Chapter
6.
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CHAPTER 2
CMOS DIODE DESIGN AND CHARACTERIZATION
2.1 Introduction

Schottky diodes and p-n junction diodes are the simplest nonlinear devices in a CMOS
technology. Although transistors are favored due to the inherent isolation between the input and
output ports [23], diodes have found their places in Electrostatic-Discharge (ESD) protection
[24], frequency conversion and mixing [25], RF signal rectification and photo-detection [26],
[27].
Schottky Barrier Diodes (SBD’s), being the majority carrier devices, are well known for
their high frequency operation capability. There have been extensive researches on their
applications in high speed communication and radar technology [28]. Silicon Schottky barrier
diode development has received less attention than its III-V compound peers, due to the low
mobility of silicon and a lower bandgap resulting in higher leakage current [29]. Yet as driven by
the high level of integration and lower fabrication cost, silicon Schottky barrier diodes fabricated
in mainstream silicon technology are starting to receive more attention. Schottky diodes with
zero-bias cut-off frequencies up to 1 THz have been demonstrated on high-resistivity silicon
substrates by growing a thin Molecular Beam Epitaxial (MBE) layer on top of an n+ layer [28],
[30], [31]. Schottky contacts in CMOS have been realized by directly contacting an n-well with
Aluminum metallization [32]. Schottky barriers have also been implemented by blocking n+/p+
implantation in selected diffusion regions in CMOS [33], [34]. Using the same approach, CoSi2n-Si and CoSi2-p-Si Schottky diodes with extrapolated zero-bias cut-off frequencies of ~1.5 and
1.2 THz have been reported [35]. SBD diodes with cut-off frequency of 1.1 THz with low
leakage have also been realized in a 130-nm SiGe BiCMOS technology [36].
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This chapter will discuss the layout and design of CMOS SBD’s as well as p-n junction
diodes. Optimizations of CMOS SBD’s in combination with a p-n junction guard ring to reduce
reverse leakage current, and with polysilicion gate to increase zero-bias cut-off frequency are
also discussed. DC and AC performances are characterized and presented at the end of this
chapter. No additional masks or other process modifications are needed to fabricate SBD’s and
p-n junction diodes in CMOS. These low cost and high volume production diodes are not only
useful for Very Large Scale Integration (VLSI) circuit applications, but also for millimeter wave
and even THz region applications.
2.2 CMOS Diode Structure

For integrated circuit applications, p-n junction diodes and SBD’s have the same physical
dimensions. Both diodes have a square shape anode. Special attention has paid to optimize their
high frequency performance.
2.2.1 P-n Junction Diode Structure

P-n junction diodes have two kinds of variants in CMOS process, which are an n+-p diode
and a p+-n diode in n-well. An n+-p diode is composed of a heavily doped n-type region and the
p-type substrate [37] and vice versa for a p+-n diode. Because in CMOS, substrate is usually ptype doped and is always grounded, for an n+-p diode, the bias can only be applied to the n+
terminal. Therefore p+-n diodes in n-well are designed and utilized as described in Chapter 4. For
the same reason, there is greater flexibility for how SBD’s in n-well are used.
2.2.2 Schottky Barrier Diode Structure

In modern CMOS technology, metallizing the source/drain junctions with silicide can
reduce contact resistance and lateral spreading resistance due to the shallow junction [38]. A
cross-section view with current flowing path (dashed arrows) and layout of an n-well SBD in
130-nm CMOS are shown in Figure 2-1 [22]. The Schottky anode is formed by directly
25

contacting an n-type semiconductor region with CoSi2 using copper metallization, while the
cathode connection is realized by an ohmic contact between heavily doped n+ regions and
silicide.
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Figure 2-1. An n-well SBD in 130-nm CMOS. A) Cross section and B) layout.
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Figure 2-2. Small signal equivalent circuit for an n-well SBD.
Figure 2-2 also shows the small signal equivalent model for an SBD [22]. The parasitic
components in this SBD structures are series resistance Rs, side-wall capacitance Cp, n-well to p-
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substrate reverse junction diode’s series resistance Rnw and depletion capacitance Cnw. These
degrade SBD performance by increasing loss as well as lowering its switching speed.
Rs includes all resistances between the edge of depletion region and the ohmic contact
metallization. It is consisted of two components: the resistance of the undepleted region and the
ohmic contact resistance [39]. Studies in [22] show the contributors of Rs in Figure 2-1 A) as
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Rs 

(2-1)
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where, Rsh-nwell is the n-well sheet resistance, Rsh-STI is the n-well sheet resistance under the
shallow trench isolation (STI), Rsa-n+ is the salicided n+ sheet resistance, Rc is the resistance
associated with contacts and vias. ls is the length of square shape Schottky anode, l1 is the STI
width and l2 is the separation between the edge of STI and n-well metal contact. Series resistance
can be reduced by lowering the separation (l1+l2) between Schottky contact and n+ diffusion
region contact. Adding multiple contacts on the diffusion region can reduce Rs further. But this
increases the n-well size which results in bigger Cnw and lower n-well node impedance hence
shorting signal to ground at high frequencies when the diode is series connected.
The junction capacitance of SBD has similar expression as the depletion capacitance of p-n
junction diodes. The difference is that SBD does not have diffusion capacitance under forward
bias condition since there is no minority-charge storage effect [15].

CT  C j  C p
Cj 

(2-3)

C jo
(1  V / Vbi )

mj

(2-4)
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(2-5)

where, Cjo is the zero bias junction capacitance, q is the charge on an electron, ND is the n-well
doping density, εSi is the permittivity of silicon, Vbi is the built-in potential, Cp is the metal-tometal sidewall parasitic capacitance and mj is the junction grading coefficient. The junction
coefficient characterizes the nonlinearity in a C-V curve of diode, which also affects the dynamic
cut-off frequency in Equation (1-6) for frequency multipliers. mj is lowered by the parasitic
capacitance Cp in Figure 2-2. This capacitance which is almost independent of bias decreases the
sensitivity of total capacitance to diode bias voltage. To reduce Cp, the metal connections to
Schottky and n+ diffusion must be spaced wide apart.
As discussed in Chapter 1, a figure of merit of mixer diode is zero-bias cut-off frequency
f co 

1
2Rs C jo

(2-6)

To increase fco, the product of Rs and Cjo needs to be reduced. Equations (2-2) and (2-5) indicate
that Rs is roughly proportional to 1/ls and Cjo is proportional to ls2 [22]. Thus fco increases as ls
decreases, which means maximum fco is determined by the minimum allowable length of ls set by
specific technology. However, from the current flowing path in Figure 2-1, another important
factor affecting fco not considered in the previous equations is the thickness of the STI layer.
According to High Frequency Structural Simulator (HFSS) simulation, the series resistance is
dominated by the resistance of the region surrounded by STI, which contributes to R1 shown in
Figure 2-1 A). Thus Equation (2-2) should be modified to

Rs 



 l 
Rshnwell
d x
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  Rc
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(2-7)

where, dSTI is the STI thickness and xJ is the n-well depth. The increase of fco by scaling down of
technology node from study in [22] needs to be modified.
To achieve impressive fco, the nonlinearity of C-V characteristics for SBD’s was sacrificed.
The effect of Cp on total diode capacitance increases as ls decreases, and this desensitizes the
capacitance to the diode voltage variation, which results in low mj. Therefore for varactor
operation of SBD’s discussed in Chapter 3, a diode with larger ls is chosen to obtain a better
combination of fco and mj.
2.3 Design Optimization of CMOS Schottky Barrier Diodes
2.3.1 Dimension Optimization of Shallow Trench Isolated (STI) Schottky Barrier Diodes

The analysis in 2.2.2 shows that the zero-bias cut-off frequency of SBD is limited by series
resistance Rs and side-wall parasitic capacitance Cp for a fixed Schottky anode area.

A

B

Figure 2-3. Single SBD cell layout. A) Top view and B) typical interconnection scheme [22].
The controlling variables for Rs include l1, ls, and l2 in Equation (2-2), as well as l3, the
separation between parallel SBD unit cells in Figure 2-3 [22]. Since the n-well sheet resistance
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under the shallow trench isolation Rsh-STI is much higher than the salicided n+ sheet resistance Rsan+,

Rs monotonically increases with l1. Thus, l1 is set to the minimum length allowed by the

design rule. Rs is also lowered by decreasing l2, but this will increase the side-wall capacitance
since Schottky anode metal trace is getting closer to the n-well contact metal. Five diode test
structures with different combinations of l2 and l3 are fabricated in the UMC 130-nm CMOS
process and the AC measurement results are compared [22]. All these diodes keep the same
Schottky anode area of ~1.64 µm2 (16 cell of 0.32 µm × 0.32 µm). Measurements indicate the
optimum l2 is between 0.7 ~ 1.1 µm, and l3 should be greater than 0.6 µm [22] to increase fco.
Perimeter (µm)
60

30

40

Perimeter (µm)

50

60

30

40

50

Rnw (Ω)

Cnw (fF)

100

40
Cnw vs Area
Cnw vs Perimeter
20
40

60

80

100

120

60

Cnw vs Area
Cnw vs Perimeter

80
60

140

Area (µm2)

40

40

60

80

100

120

140

Area (µm2)

A

B

Figure 2-4. N-well parasitics versus n-well area and perimeter of STI SBD’s in the UMC 130nm logic CMOS process. A) N-well capacitance and B) n-well resistance.
The effects of l2 and l3 on diode n-well parasitics are analyzed by fitting the measurement
data in Figure 2-4 using linear regression. The independent variables controlling n-well parasitics
are n-well perimeter and area which are related to l2 and l3. The results are shown as Equations
(2-8) and (2-9), where the units of Areanw and Perimeternw are µm2 and µm, respectively.
Cnw  4.2  0.1Areanw  0.6 Perimeternw

(2-8)

Rnw  156.2  0.6 Areanw  0.5Perimeternw

(2-9)
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N-well parasitic capacitance is mostly dependent on n-well perimeter in Equation (2-8).
This indicates the n-well to p-type substrate side-wall capacitance dominates and is probably due
to the fast drop of doping concentration from the surface to the junction depth of n-well.
Equation (2-9) shows that n-well series resistance is almost equally dependent on the well area
and perimeter. Hence to decrease n-well parasitics, a well shape with bigger area to perimeter
ratio is desired, which means n-well needs to be more like a circle or a square.
2.3.2 Polysilicon Gate Separated (PGS) Schottky Barrier Diodes
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Figure 2-5. Polysilicon gate separated (PGS) SBD cross section and layout.
As discussed, the dominant part in series resistance Rs shown in Figure 2-1 is R1, which is
the resistance of the region surrounded by STI. To further decrease Rs besides optimizing SBD’s
layout, a new diode configuration that reduces or eliminates this region is necessary. Such a
structure is a polysilicon gate separated (PGS) SBD shown in Figure 2-5 [22]. This new topology
reduces series resistance by not only decreasing R1 but also R2. l1 changes from 0.22 µm for the
conventional SBD to the minimum gate length of ~0.12 µm for the PGS SBD in 130-nm CMOS.
Furthermore, the region under the STI which sets R2 is replaced by the lower sheet resistance
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region under the gate oxide. The current flow path (dashed arrows) in Figure 2-5 clearly
demonstrates the series resistance reduction mechanism. A drawback of PGS SBD is a larger
anode area required by the polysilicon to source/drain contact spacing than that for the diffusion
overlap of a contact. Another disadvantage is higher reverse leakage current than that of
conventional SBD.
2.3.3 Schottky Barrier Diode with Guard Ring
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Figure 2-6. Cross section of an n-well SBD with a p+-n guard ring.
Schottky barrier diode is renowned for its low barrier height which makes it well suited for
low-power applications. However, this and the sharp electrode edge effect [40] increase reverse
leakage current. To improve its reverse bias performance, Schottky diodes with a guard ring have
been introduced [41]. For the PGS SBD in the 130-nm CMOS process, a guard ring is even more
critical since it has higher leakage current than STI SBD. Figure 2-6 shows the cross section and
layout of an n-well SBD with p+ diffused guard ring [22]. This diode is a hybrid of Schottky
barrier diode and p-n junction diode. The anode of p-n junction diode formed between p+ guard
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ring and n-well is effectively shorted with Schottky anode by CoSi2. The Schottky barrier,
formed in the interior of the ring, is electrically contacting the p-n junction so that the sharp edge
effect around the periphery of the metal is reduced, thus the reverse leakage current is lowered.
The composite characteristic is dominated by the p-n junction at high forward voltages when
there are appreciable minority carrier charges injected by the p-n junction [42]. This will limit
the high-speed switching operation at high-current levels. At low forward bias, I-V characteristic
is essentially that of an SBD and the switching speed is not limited by the minority charge
storage effect. The diode junction capacitance is increased due to the guard ring.
2.4 Measurement Results and Discussion
2.4.1 Measurement Setup

To improve the measurement accuracy, several unit cells of square type diodes are
connected in parallel. For circuit applications which will be discussed in subsequent chapters,
diodes are all configured like this to reduce the effective series resistance. The key point that
determines the number of parallel cells in test structures is making the total Rs to be sufficiently
larger than the contact resistance (1~2 Ω) of the high frequency probe [22]. Also, the total diode
capacitance should not be significantly smaller than the bond pad parasitic capacitance.
For the structures fabricated in the UMC 130-nm CMOS, one port measurement using
small bond pads (50 µm × 54 µm) is utilized due to the simplicity, small area and low parasitic
capacitance. The signal pad uses a small bond pad where the top metal layer (metal 8) is
connected to signal and is supported by a stack of metal 6, metal 4, as well as metal 2 to satisfy
the mechanical strength requirement [22]. Besides, a poly ground shield is utilized to reduce the
loss through substrate. The measured bond pad capacitance is around 26 fF in the 130-nm CMOS
which is about a half of that for the conventional bond pad (76 µm × 64 µm) capacitance (~ 48
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fF) in the same process. The ground pad also uses this small bond pad but the ground connection
of metal 1 is shunted all the way up to metal 8 through vias.
Diode I-V characteristics are measured using an HP 4155A semiconductor parametric
analyzer. DC parameters like reverse saturation current Is, ideality factor n and barrier height
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can be extracted from I-V curves. S-parameters of dedicated one-port open and short structures
together with the above diode test structures are measured from 15 to 20 GHz using an HP
8510C network analyzer and GGB 40A G-S/S-G probes. AC parameters like zero-bias junction
capacitance Cjo, series resistance Rs and junction grading coefficient mj are extracted. The
detailed procedures are discussed next.
2.4.2 Diode Parameter Extraction Method
2.4.2.1 DC parameter extraction

The current in Schottky barrier diodes is mostly due to the thermionic emission of majority
carriers [37] at low bias voltage,

I  I s [exp(

qV
)  1]
nkT

I s  Aeff A  T 2 exp(

(2-10)
qB
)
kT

(2-11)

where, Is is the reverse saturation current, n is the ideality factor (=1 for pure thermionic
emission), Aeff is the effective anode area of diode, A** is the effective Richardson constant and
B

is the barrier height. Most of Schottky barrier diode deviates from this ideal thermionic

emission behavior, thus ideality factor of Schottky barrier diode is usually greater than 1.
Although the current transport mechanism of p-n junction diodes is different, which is due to
drift, diffusion and thermal recombination-generation of minority carriers, it has similar I-V
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characteristics as shown in Equation (2-10). However, a p-n diode has smaller Is than a Schottky
barrier diode due to a higher barrier height.
The effect of Schottky barrier diode series resistance can be included and expressed as
I  I s exp[

q (V  IRs )
]
nkT

(2-12)

At sufficient large forward bias, the ratio of minority-carrier current to total current increases in
Schottky barrier diode, Equations (2-10) and (2-12) need to be modified [37].
Under the forward bias condition, for V > 3kT/q but current density is small enough that
effect of Rs is negligible, the forward bias current is [37]
I  I s exp(

qV
)
nkT

(2-13)
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Figure 2-7. Schottky diode DC parameter extraction method.
The ideality factor can be calculated from the slope of ln(I)-V curve which is equal to
q/nkT. Is is the diode current when bias voltage is zero. Figure 2-7 shows a typical Schottky
diode I-V curve with the extrapolated Is value. The barrier height can be obtained from the
equation
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kT
A  T 2
B 
ln(
)
q
I s / Aeff

(2-14)

The effective Richardson constant A** is 112 A/cm2K2 for electrons and 32 A/cm2K2 for holes in
silicon [43].
2.4.2.2 AC parameter extraction

One-port measurement is utilized to extract diode junction capacitance and series
resistance. Dedicated open and short structures are used to de-embed bond pad parasitic
capacitance and probe contact resistance, respectively. Figure 2-8 shows the configurations of
the measured structures [44]. The diode is simply modeled as junction capacitance Cj in series
with parasitic resistance Rs.
The extraction of diode parameters is as follows. First, probe contact resistance is obtained
from measurement of a short test structure. Then this contact resistance is subtracted from
impedance of both open test structure and diode test structure. After this, the remaining
admittance of open test structure is deducted from the remaining admittance of diode test
structures. This procedure can be expressed by Equations (2-15) to (2-20).
Z d  Z diode  Z short

(2-15)

Z o  Z open  Z short

(2-16)

Yd  1 / Z d

(2-17)

Yo  1 / Z o

(2-18)

Cj  

1
2f  imag (1 /(Yd  Yo ))

Rs  real (

(2-19)

1
)
Yd  Yo

(2-20)
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Figure 2-8. Test structure models. A) Open test structure and B) diode test structure.
2.4.3 DC Measurement Results
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Figure 2-9. Current densities versus diode bias voltage for the STI SBD’s with different guard
ring sizes in the UMC 130-nm logic CMOS process. Results for diodes with no guard
ring and p-n diodes are also shown.
To compare the effect of p+ guard ring on the reverse leakage current of n-well STI SBDs,
different sizes of guard ring (lguard = 0.12 um, 0.16 um and 0.2 um in Figure 2-7 B)) structures
are constructed in the UMC 130-nm logic CMOS process. All the test structures have center
Schottky area of 16 × 0.32 µm × 0.32 µm. A p-n junction diode with the same anode area is also
fabricated and measured. Figure 2-9 shows the results.
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By adding a p+ guard ring, the reverse leakage current of STI SBD has been reduced by a
factor of 105 at -3 V, and 103 at -1 V, but the Schottky diodes with a guard ring still have greater
than 300X of the reverse leakage current of p-n diode. The reverse leakage current of the
structure with lguard = 0.12 µm is ~ 3X that of the structure with lguard = 0.16 µm, and 7X that of
the structure with lguard = 0.20 µm. The forward conduction current also drops of about 100 times
for the diodes with a guard ring when the bias voltage is smaller than 0.8 V. This is due to the
shrinking of effective Schottky area by the lateral diffusion as well as changes of the barrier
height. When the bias voltage exceeds around 0.8 V, p+-guard ring-n junction is turned on. The
current increases rapidly with voltage. The diode with lguard = 0.20 µm shows smallest current
variation over the 10 measured samples. For better repeatability and to limit the increase of the
diode junction capacitance, lguard = 0.18 µm is chosen in future design. Table 2-1 lists the DC
parameters for these diodes. The diodes with a guard ring have an ideality factor close to 1.
Table 2-1. DC parameters for diodes with a guard ring in the UMC 130-nm logic CMOS process
Diode
No guard STI SBD
STI SBD with lguard=0.12 µm
STI SBD with lguard=0.16 µm
STI SBD with lguard=0.20 µm
p-n diode

Ideality factor
n
1.08
1.02
1.02
1.02
1.02

Reverse saturation current
Is (A)
8.0e-09
4.2e-11
1.4e-11
7.0e-12
4.0e-17

Barrier height
φB (V)
0.44
-

Current densities of PGS SBD, PGS SBD with a p+-n guard ring width lguard = 0.18 µm,
STI SBD as well as STI SBD with a guard ring width lguard = 0.12 µm fabricated in the UMC
130-nm logic CMOS process are compared in Figure 2-10. The reverse leakage current density
of PGS SBD is ~ 20X that of STI SBD at -3 V and ~ 7X at -1 V. By adding a p+ guard ring, the
reverse leakage current of PGS SBD is reduced by ~ 5 orders of magnitude at -3 V. The forward
conduction current drops 15X for the PGS SBD with a guard ring as compared to the one
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without a guard ring. The PGS SBD with a guard ring has ~ 100X more leakage current than the
STI SBD with a guard ring at -3 V.
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Figure 2-10. Current density comparison for PGS SBD, PGS SBD with lguard = 0.18 µm, STI
SBD and STI SBD with lguard = 0.12 µm in the UMC 130-nm logic CMOS process.
Table 2-2. DC parameters for PGS SBD and PGS SBD with a guard ring in the UMC 130-nm
logic CMOS process
Diode
PGS SBD
PGS SBD with lguard = 0.18 µm
STI SBD
STI SBD with lguard = 0.12 µm

Ideality factor
n
1.35
1.09
1.08
1.02

Reverse saturation current
Is (A)
1.0e-08
3.0e-10
8.0e-09
4.2e-11

Barrier height
φB (V)
0.37
0.44
-

Table 2-2 lists the extracted DC parameters for PGS SBD’s and PGS SBD’s with a guard
ring. The ideality factor of PGS SBD’s is higher than that of STI SBD’s, which is 1.35 compared
with 1.08 for STI SBD’s. This indicates the presence of additional surface imperfections [26] for
the PGS SBD’s which cause the I-V curve deviate from the ideal thermionic emission behavior.
Although a PGS SBD has higher leakage, adding a guard ring can effectively limit the leakage
current level and also suppress the non-ideal behavior.
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2.4.4 AC Measurement Results
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Figure 2-11. Rs and Cjo versus frequency for a 16 × 0.4 µm × 0.4 µm PGS SBD without a guard
ring fabricated in the UMC 130-nm logic CMOS process.
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Figure 2-12. Rs and Cjo versus frequency for a 16 × 0.42 µm × 0.42 µm PGS SBD with a guard
ring width lguard = 0.18 µm fabricated in the UMC 130-nm logic CMOS process.
Based on the discussions of section 2.3, 16 × 0.4 µm × 0.4 µm PGS SBD’s with optimized
dimension where l2 = 1 µm and l3 = 1 µm are fabricated in the UMC 130-nm logic CMOS
process. Figure 2-11 shows the measured Cjo and Rs over the frequency. The junction capacitance
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stays relatively constant over the measured frequency range, while series resistance has bigger
variation around a mean value. Due to the high Q of diode, the impact of contact variation on the
series resistance of diode is more serious, thus it is harder to get accurate measurements of Rs.
The average values of Cjo and Rs over frequency in Figure 2-11 are ~10 fF and ~8 Ω,
respectively. The calculated zero-bias cut-off frequency in Equation (2-6) varies from 1.8 to 2.6
THz for multiple measurements of different samples.
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Figure 2-13. Zero-bias cut-off frequency fco and grading coefficient mj versus ls for STI SBD’s
with and without a guard ring in the UMC 130-nm logic CMOS process.
Figure 2-12 shows the measured Cjo and Rs for a 16 × 0.42 µm × 0.42 µm PGS SBD with
l2 = 1 µm, l3 = 1.2 µm and a guard ring width lguard = 0.18 µm. The average values of Cjo and Rs

over frequency are 26 fF and ~4 Ω, respectively. The calculated fco varies from 1.3 to 1.6 THz
for multiple measurements of different samples. The measured Cjo is ~ 2.5X that of a PGS SBD
without a guard ring, which is due to the increased effective anode area by ~ 3.5X (= 0.782
µm2/0.422 µm2). The difference of built-in potentials between that of Schottky junction area and
p+ guard ring area causes the capacitance not to scale with the effective Schottky anode area. The
series resistance is smaller than the one without a guard ring which may result from the lateral
diffusion of the p+ guard ring into the undoped region under the polysilicon gate separated
region.
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Figure 2-14. Unit cell zero-bias junction capacitance and unit cell series resistance versus ls for
STI SBD’s with and without a guard ring in the UMC 130-nm logic CMOS process.
The relationship between grading coefficient mj as well as zero-bias cut-off frequency fco
and diode anode size is important for diode multipliers design. 16 × 0.32 µm × 0.32 µm, 16 ×
0.45 µm × 0.45 µm, 8× 0.64 µm × 0.64 µm and 2 × 1.28 µm × 1.28 µm STI SBD’s without a
guard ring as well as STI SBD’s with a guard ring width lguard = 0.18 µm and the same center
Schottky areas are fabricated in the UMC 130-nm logic CMOS process. All the diodes have l2 =
2 µm, l3 = 0.6 µm. Due to use of suboptimal dimensions, these diodes exhibit poorer Q and lower
zero-bias cut-off frequency. Figure 2-13 shows the scaling of mj and fco with Schottky anode unit
cell side length ls in Figure 2-1. Figure 2-14 shows the scaling of unit cell Cjo and Rs with ls. As ls
increases, zero-bias cut-off frequency decreases while mj goes up. For bigger harmonic
generation, fco and mj need to be traded off. This will be discussed in more detail in Chapter 3.
The unit cell zero-bias junction capacitance monotonically increases with ls. This is as expected
from the discussion in section 2.2. Yet, the scaling of unit cell Rs with ls is not monotonic, which
implies that besides the resistance under STI (R2 in Equation (2-2)), there are other factors
influencing Rs. When ls < 1.28 µm, the diodes with a guard ring show higher zero-bias cut-off
frequency than the ones without a guard ring. This is probably due to the relatively bigger
reduction of Rs by larger diffusion area and junction depth of the guard ring than the increase of
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Cjo. The diodes with a guard ring present smaller mj than those without. This is due to the

decreased voltage modulation on capacitance for the p+-n guard ring. The expansion and
shrinking during p+ implant mask generation causes the diode with a guard ring having the center
Schottky area of 16 × 0.32 µm × 0.32 µm to be fabricated as p-n diodes.
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Figure 2-15. Zero-bias cut-off frequency fco and grading coefficient mj versus ls for p-n diodes in
the UMC 130-nm logic CMOS process
For comparison, the relationship between grading coefficient mj as well as zero-bias cut-off
frequency fco of reverse biased p-n junction diodes is also studied. 16 × 0.32 µm × 0.32 µm, 16 ×
0.45 µm × 0.45 µm, 8× 0.64 µm × 0.64 µm and 2 × 1.28 µm × 1.28 µm p-n junction diodes are
fabricated in the UMC 130-nm logic CMOS process. All the diodes have l2 = 1 µm, l3 = 0.6 µm.
Figures 2-15 shows the scaling of mj and fco with anode unit cell side length ls. The mj is very low
which is below 0.15 even when the diode unit size increases up to 1.28 µm × 1.28 µm which is
determined by the doping profile of the p-n junction in CMOS. This makes the reverse biased pn diodes not suitable for frequency multiplier applications. However, the fco of these diodes are
very high and they can be used as high Q capacitors in the design. Figure 2-16 shows the unit
cell capacitance and resistance of the p-n diodes. The unit cell capacitance is smaller than
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Schottky barrier diodes in Figure 2-14 which is probably due to the higher built-in potential. The
unit cell series resistance is smaller than the ones in Figure 2-14 B) due to the use of optimized
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Figure 2-16. Unit cell zero-bias junction capacitance and unit cell series resistance versus ls for
p-n diodes in the UMC 130-nm logic CMOS process.
2.5 Conclusions

A polysilicon gate separated (PGS) SBD with zero-bias cut-off frequency of ~ 2 THz has
been realized in the UMC 130-nm logic CMOS process. By replacing the STI with a polysilicon
gate, the total series resistance of diode is reduced by a factor of 2. Compared to an STI SBD,
PGS SBD’s have ~ 20X higher reverse leakage current at -3 V. A guard ring is essential to limit
the reverse leakage current for PGS SBD’s. Adding a guard ring to PGS SBD’s reduces the
leakage current by around five orders of magnitude at -3 V. This in addition, increases the
junction capacitance, while decreasing the series resistance. Because of this, the drop of zerobias cut-off frequency is not as much as predicted in [22]. With about 3X bigger Schottky anode
area, PGS SBD’s with a guard ring still have ~ 1.5 THz zero-bias cut-off frequency in the UMC
130-nm logic CMOS process. The high zero-bias cut-off frequency implies their uses in
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millimeter-wave and infrared circuits [8]. With optimized layout, a bigger STI SBD will achieve
a better combination of zero-bias cut-off frequency and junction grading coefficient, which can
be utilized for building a better millimeter-wave or even THz signal source. The zero-bias
junction capacitance of p-n junction is smaller than that of SBD due to the higher built-in
potential. This together with high breakdown voltage could make p-n diodes suitable for T/R
switch applications to achieve low insertion loss as well as high power handling capability.
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CHAPTER 3
SCHOTTKY BARRIER DIODE BASED FREQUENCY MULTIPLIERS IN CMOS
3.1 Introduction

Terahertz frequencies, defined as spanning from 100 GHz though 10 THz [29], [45], have
been gaining extensive attention in recent years. This frequency band includes high MillimeterWave (wavelength from 1 mm to 10 mm) and Submillimeter-Wave (wavelength from 0.1 mm to
1 mm) range. Operation in this frequency region has many advantages for scientific and
technological applications such as detection of chemical and bio agents [46]-[48], imaging of
concealed weapons [49] and contraband [50], diagnosing tumor and plasma [51], observation of
the atmosphere and deep-space sounding [39], as well as short range radar [52] and high data
rate communications. Despite these, it has often been described as the “most scientifically useful
yet the least explored region of spectrum” [29].
One of the reasons is the lack of signal sources at this unique spectral region which spans
the transition from conventional electronics to quantum optics. At frequencies below 100 GHz,
transistor based sources and Gunn oscillators are widely used, while for frequencies above 10
THz, solid-state lasers and light-emitting diodes are employed. However, in between, neither of
these technologies is particularly well suited [29]. Harmonic multiplications are the key and most
common approach to handle this technology gap, which utilize nonlinear devices to translate the
low frequency electronic signals into the terahertz band [29]. Among all the available nonlinear
devices, Schottky barrier diodes are the most widely used. This is because of their inherent
simplicity and fast switching speed resulting from the absence of minority carrier storage effects.
Terahertz signal sources have long been realized using frequency multipliers based on IIIV Schottky barrier diodes due to their high mobility and large bandgap [29]. Early multipliers
utilized a honeycomb anode chip with a whisker contact across a waveguide mount. The best
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performance has been demonstrated by Faber with 35% efficiency at 98 GHz output for 5 mW
input [53] and Erickson with peak efficiency of 35% with 35 mW input at 79 GHz output [54].
Rizzi et al. achieved peak efficiency of 25% and peak output power of 55 mW at 174 GHz
output using a balanced combination of two planar diode [55] pairs in a crossed-waveguide
mount [56]. More recently, the bulky waveguide-based frequency multipliers were replaced by
planar monolithic microwave integrated circuit (MMIC) multipliers for compact size and low
cost. However, planar circuits have higher loss and lower Q compared to the waveguide ones. It
is also more difficult to include tuning elements. Even with these limitations, useful MMIC
multipliers have been reported. Chen et al. successfully demonstrated a diode-based MMIC
multiplier with 65 mW output power and efficiency of 25% at 94 GHz using microstrip lines
[57]. A 320 GHz microstip based frequency doubler has also been realized by Bruston with 2.8%
efficiency [58]. Based on finite ground coplanar (FGC) lines, Brauchler et al. achieved output
power of 93 mW at 80 GHz [59], Papapolymerou et al. achieved 115 mW output power at 74
GHz with four diodes [60], and Lee et al. demonstrated peak efficiency of 36% for 20 dBm input
at 76 GHz output [61].
Although III-V Schottky barrier diode based frequency multipliers have excellent
performance at THz frequencies, their bulky size and high cost are two major problems that
hinder the widespread of THz technology. This calls for higher integration and an inexpensive
solution, which necessitates the examination for possible use of CMOS technology. CMOS
SBD’s with zero-bias cut-off frequency up to THz presented in Chapter 2 possess comparable
performance as their III-V peers. Besides this, the recent advances in CMOS have made
implementation of voltage controlled oscillators [5], [6], [7], [62], [63], as well as a Schottky
diode detector [8] operating above 100 GHz possible. In fact, with the scaling, it appears that
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terahertz CMOS circuits will be possible [10], [64]. This will potentially allow implementation
of highly integrated THz imaging and spectroscopy systems for scientific, medical, military and
commercial applications [29] that may cost 100’s of dollars instead of 100’s of thousands. To
date, no multipliers operating at 100 GHz and higher have been demonstrated in CMOS. The
only one demonstrated in main stream silicon technology is the Schottky diode frequency
doubler with conversion loss (CL) of ~14 dB at 110 GHz output frequency implemented in a
130-nm SiGe BiCMOS technology [65], [66].
This chapter presents the design, analyses and measurement results of the first mm-wave
varistor and varactor mode Schottky diode frequency doublers fabricated in CMOS. The varistor
mode frequency doubler exhibits 14-dB conversion loss and -11-dBm output power at 132 GHz,
while the varactor mode frequency doubler exhibits 10-dB conversion loss and -1.5-dBm output
power at 125 GHz. Both doublers can generate signals up to 140 GHz. These provide additional
support for the assertion that CMOS technology in near future will not only bridge the terahertz
gap, but open up the THz region for low cost high volume applications.
3.2 Overview of Diode Frequency Multiplier Theory

Frequency multiplication in electron devices takes place due to their nonlinearities [67].
For millimeter- or submillimeter-wave harmonic generation, the nonlinear devices should be fast
enough to follow the rapid signal changes. Two kinds of characteristics are available to generate
harmonics: nonlinear current-voltage characteristics (nonlinear resistor) and nonlinear chargevoltage charactersitics (nonlinear capacitor). Correspondingly, frequency multipliers using a
nonlinear resistor to generate harmonics are called in varistor mode, while those using a
nonlinear capacitor are in varactor mode. Quite often, these two modes co-exist.
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3.2.1 Operating Principle [39]

The nonlinear current-voltage and charge-voltage characteristics can be expanded into
power series about the operating point of DC bias voltage VB:
I (VB  v)  a0  a1v  a2v 2  a3v 3  

(3-1)

Q(VB  v)  b0  b1v  b2v 2  b3v 3  

(3-2)

With input signal v = V0cos(ω0t),
I (t )  I 0  I1 cos(0t )  I 2 cos(20t )  I 3 cos(30t )  

(3-3)

Q(t )  Q0  Q1 cos(0t )  Q2 cos(20t )  Q3 cos(30t )  

(3-4)

Thus, using nonlinear devices and filters, a frequency multiplier is able to select a desired
input harmonic in Equation (3-3) or (3-4). In general, input and output matching networks are
necessary for improving selectivity and efficiency as well as achieving maximum power transfer.
3.2.2 Parameters for Frequency Multipliers [39]

Conversion Loss and Maximum Input/Output Signal Power

Diode frequency multipliers use passive devices and are inherently lossy. Matching
networks also dissipate energy. Conversion loss is defined as the ratio of the available power P0
to the output harmonic power Pn delivered to the load. It is usually expressed in decibels.
Ln [dB]  10 log(

P0
Pn

)

(3-5)

Conversion efficiency ηn is the ratio between Pn and P0 , and is equal to the inverse of Ln.
Conversion loss depends on input/output frequency as well as the input signal level. The
maximum input signal power is limited by the power handling capability of the nonlinear devices
and matching, while the maximum output power depends on the conversion loss as well as the
maximum input signal power.
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Source and Load Impedance

To achieve the maximum conversion efficiency, optimum source and load impedances
should be presented to the diode. This is quantified by the large signal reflection coefficients
S11/S22, which depend on the input signal level.
Bandwidth

Bandwidth is usually defined as the output/input frequency range over which the
conversion loss is sufficient for a particular applications. As will be discussed next, varistor
multipliers are naturally broadband, while varactor multipliers usually show tuned frequency
response with a narrower bandwidth.
Besides the above figures of merit, harmonic contents and noise conversion properties are
also important for frequency multipliers. The detailed discussion can be found in [39]. In this
chapter, conversion loss, maximum output power, input matching and bandwidth will be used to
characterize and compare the diode frequency multiplier designs.
3.2.3 Theoretical Conversion Limitations of Diode Frequency Multipliers

In the case of varistor mode frequency multiplier with positive nonlinear resistance [39],
P0
Pn

 Ln  n 2

(3-6)

where n is the order of output harmonics. This fundamental limitation results from the real power
consumption in the voltage dependent variable resistance of diode. Since the idealized varistor
multiplier does not store reactive energy, input and output tuning is not necessary, which makes
it broadband [39].
While for a varactor mode frequency multiplier, ideally, there is no energy dissipation in
the nonlinear capacitor, thus Ln = 0 dB. In reality, devices and circuits are lossy, so the
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conversion loss is greater than 0 dB. To increase conversion efficiency, high quality input and
output matching is necessary. This however decreases bandwidth.
3.3 Transmission Line Designs in CMOS

Transmission lines (TL’s) are important for millimeter-wave (mm-wave) frequency
multiplier designs. At mm-wave frequencies, the reactive elements needed for matching and
filtering networks become increasingly small, requiring inductance values on the order of pH
[68]. Transmission lines are inherently scalable in length and are capable of realizing precise
small reactance. Also the well defined ground return path greatly reduces magnetic and electric
field coupling to adjacent structures, which are significant at mm-wave frequencies.
The most commonly used transmission lines in CMOS are microstrip (MS) and coplanar
waveguide (CPW) (Figure 3-1 A) and B)). An MS is usually formed by a top conductor over
dielectric, silicon substrate and ground plane. A CPW consists of a center conductor and adjacent
grounds in the same plane [69]. The main loss mechanisms of CMOS transmission lines include
conductor loss of the metallization, dielectric loss and substrate loss [70]. Due to the thin interlevel dielectric layer of a few microns, there is large capacitance between signal line and ground
for an MS. Thus to achieve Zo = 50 Ω, the signal path needs to be narrow (9 µm for a 6-µm thick
dielectric layer) resulting high conductor loss. An MS with Zo > 100 Ω is almost impossible due
to the narrow signal strips (< 1 µm).
While a CPW has the inherent advantage that it allows a wider signal path to be used,
because the physical gap between signal and ground which determines Zo is not set by the
dielectric thickness [71]. Thus a CPW has relatively lower loss and it can achieve broader Zo
range than an MS. Also its balanced topology makes ground-signal-ground probing at mm-wave
frequencies straightforward. However, the ground of CPW does not shield the energy leakage
through the underlying lossy silicon substrate. If the gap is smaller than the dielectric thickness
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not to confine the electromagnetic field, there is significant loss of energy to the substrate [71]
which is the major loss mechanism. This is demonstrated by the electrical field penetrating into
the substrate in Figure 3-1 B).
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Figure 3-1. Transmission lines in CMOS. A) MS, B) CPW, C) GCPW and D) U-shaped GCPW
with electric field lines (arrows).
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Figure 3-2. U-shaped GCPW cross section in the 130-nm logic CMOS process.
To reduce the loss in the substrate for a CPW, a bottom metal ground shield used in an MS
is introduced to form a grounded CPW (GCPW) [72]. The return current mainly flows in the
bottom thin ground shield instead of the thick coplanar ground lines. Thus the conductor loss is
higher at low frequencies and the distributed inductance is lower than that of a CPW. However,
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the lower loss at high frequencies still makes a GCPW a better choice for mm-wave applications
[73].
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Figure 3-3. Simulated Zo, loss and normalized d(Zo)/d(Loss) versus signal conductor width, w
for U-shaped GCPW in the 130-nm logic CMOS process.
Several modified GCPW structures including semi-circular stacked GCPW (S-GCPW), Vshaped stacked GCPW and regular GCPW are discussed in [73]. The loss of transmission lines
can be reduced by altering the electric field under the signal line. A semi-circular return path in
an S-CPW has lower loss due to the more uniformedly distributed magnetic field beneath the
signal conductor. Based on these, a modified GCPW structure is used to construct all the
matching and filter networks for this work on frequency doublers. For easy layout and
implementation, a U-shaped return path as shown in Figure 3-1 D) is used for doubler design in
CMOS. Figure 3-2 shows the detailed cross section of U-shaped GCPW. The signal and two
ground conductors are formed with the top metal layer, and the ground conductors are connected
to the ground plane formed by metal 1 and 2 layers through vias [74].
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Transmission lines with 50 ~ 100 Ω characteristic impedance are necessary for
input/output matching and filtering in frequency doubler design. For proper optimization, the
effects of varying the ratios between ground and signal conductor spacing (s), and signal
conductor width (w) were simulated in the 3-D E-M simulator, High Frequency Structural
Simulator (HFSS). The total width of GCPW was set at 40 µm in simulations to keep the chip
area the same. The total thickness of dielectric layer between the signal line and ground plane is
around 5 m [74]. Figure 3-3 presents the dependence of characteristic impedance and loss on
the signal conductor width (w). The normalized d(Zo)/d(Loss) values are also shown.
3.4 Design of 130-GHz Varistor Mode Frequency Multiplier

Although varistor mode doublers have lower theoretical efficiency, they have larger
bandwidths than their varactor mode peers. In addition, they could use smaller unit cell diodes
with higher zero-bias cut-off frequency (fco) and lower junction grading coefficient (mj) for
higher maximum frequency operation [75]. This section will present the design details of varistor
mode frequency multiplier built in the UMC 130-nm logic CMOS process with 14-dB
conversion loss, -11-dBm output power at 132 GHz.
3.4.1 Multiplier Topology

According to the way diodes are configured in a circuit, diode frequency multipliers can be
divided into series and shunt type. Depending on the number of diodes used, diode frequency
multipliers are further classified as single-diode and multiple-diode configurations. Single-diode
frequency multipliers are easy to analyze but have limited power handling capability and
sometimes inconvenient impedances. At present, single-diode frequency multipliers are mostly
used as power sources at upper millimeter- and submillimeter-wave frequencies where multidiode circuits are difficult to realize. Multiple-diode frequency multipliers with several diodes
connected either in series or shunt improve the power or current handling capability and provide
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the flexibility of varying the impedance level for improved performance. Frequency multipliers
with anti-parallel or anti-series diode pairs have inherent filtering capability to suppress even or
odd harmonics. Thus they are suitable for designing frequency triplers or doublers with relatively
lower loss due to the simplification of filter design [39]. Bridge frequency multipliers like fullwave rectifiers, can be used to obtain even-order frequency multiplications [39].
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Figure 3-4. Frequency doubler schematic.
A choice of a frequency doubler topology depends on the design specifications including
the maximum input handling power, input/output frequency, etc. But more importantly, it is
determined by the diode. Compared to the Schottky diodes in SiGe BiCMOS technology [36],
[65], [66], due to the unavailability of an n+ buried layer, the Schottky diode in CMOS is made to
have a smaller unit diode cell area (0.32 × 0.32 ~ 0.64 × 0.64 m2) as compared to 1 µm2 in [65],
[66], and larger n+ cathode contact areas to lower the series resistance [35]. These significantly
increase the cathode (n-well) to substrate capacitance (40 fF for a diode with 1.64-µm2 anode
area and 5.8-fF Schottky junction capacitance). This in combination with non-negligible
substrate resistance makes use of a series topology for frequency multiplication in [65], [66]
difficult in CMOS. To overcome this, a balanced topology with two shunt diodes with grounded
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cathodes [59], [61], [76], in Figure 3-4 which can increase output power is utilized for the
CMOS implementation [75].
The matching and filtering networks are formed with 50 and 72-Ω transmission lines. The
50-Ω transmission lines are used to match input and output impedance to 50 Ω, while the 72-Ω
transmission lines connected to the Schottky diode pair and 50- transmission line provide
inductive impedance to cancel out the average diode capacitance. Quarter wave open stubs at
input and output are used to attenuate the second order harmonic and fundamental signals,
respectively. Besides these, to minimize conversion loss, unnecessary losses of input signal
power in the output networks should be avoided and the same for the output signal power [39].
This can be accomplished by making
Re[Ydo ( f o )]  0 and Re[Ydi (2 f o )]  0

(3-7)

where Ydo and Ydi are the conductance seen at node A in Figure 3-4 toward the load and source,
respectively. Since the impedance for the second order harmonics at node B should be
approximately zero, the length of L1 should be a quarter wave at the second harmonic frequency
(2fo). Similarly, the length of L2 should be close to a quarter wave at the fundamental frequency
(fo). The length of high impedance TL must be set in such a way to maximize the fundamental
power delivered to the diodes. The bond pad parasitics are tuned out by the input and output
matching stubs, respectively. DC bias is applied to the input of the circuit through a 1.2-k onchip polysilicon resistor [74].
3.4.2 Schottky Barrier Diode Design

The heart of every frequency multiplier operating higher than 100 GHz is a Schottky
diode. The performance of diode determines the intrinsic efficiency (conversion loss), and the
maximum output power the multiplier can achieve [57]. A theoretical analysis relates the
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multiplier maximum conversion efficiency to the diode zero-bias cut-off frequency (fco) and fco
>> fn is required for high conversion efficiency, where fn is the desired output harmonic
frequency [39]. Thus for this first CMOS diode frequency multiplier design, use of a STI SBD
with high zero-bias cut-off frequency is investigated.
Table 3-1. A 30 × 0.32 µm × 0.32 µm STI SBD measurement results in the UMC 130-nm logic
CMOS process
Series
resistance
Rs (Ω)
14

Zero-bias junction
capacitance
Cjo (fF)
15

Grading
coefficient
mj
0.2

Zero-bias cut-off
frequency
fco (THz)
0.8

Saturation
current
Is (nA)
4.3

Ideality
factor
n
1.08

From the discussion in section 2.2.2, for STI SBD’s fabricated in CMOS, the zero-bias
junction capacitance Cjo is approximately proportional to the device cross section area As, while
Rs is roughly proportional to As-0.5. These indicate that decreasing As will increase fco [35].

Therefore, a diode with ls = 0.32 µm, which is the minimum allowable length in the 130-nm
CMOS, is used for this doubler design. However, this small unit size diode has low mj due to the
effects of parasitic capacitance Cp in Figure 2-2 on the total diode capacitance. To mitigate this,
the separation of Schottky anode and n-well contact metals, l2 in Figure 2-1 is set to 2 µm.
Besides this, the top metal layer (metal 8) is used to connect the anodes of unit diode cells, while
the n-well contact is formed by shunting the two lowest metal layers to lower the parasitic
capacitances. However, a larger l2 causes the diode series resistance to increase. Table 3-1 lists
the measurement results for a 30 × 0.32 µm × 0.32 µm STI SBD. The diode exhibits fco of ~0.8
THz and mj of ~0.2 [75].
3.4.3 Transmission Line Design

To match 50-Ω input and output, a 50-Ω U-shaped GCPW was utilized. For the
transmission lines connecting to the diode pair, higher characteristic impedance is desired. A
higher Zo line is more inductive at given length so that a shorter transmission lines with lower
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total loss can be used to tune out the capacitance of the diodes. This increases the voltage swing
seen by the diode which typically increases the conversion efficiency both for varistor mode and
varactor mode operation. However, if the total width of GCPW (2s + w) is fixed to keep the area
constant, a high Zo transmission line has higher loss due to the narrower signal conductor
required [70].
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Figure 3-5. HFSS simulated loss versus frequency for 50 and 72-Ω U-shaped GCPW’s in the
UMC 130-nm logic CMOS process.
From Figure 3-3, since the frequency doubler using the U-shaped GCPW with w = 4 µm/s
= 18 µm (Zo = 72 Ω) has the minimum loss, this structure was chosen for the high characteristic
impedance line connecting to the diode pairs. The simulated loss versus frequency plots for the
50 and 72-Ω U-shaped GCPW’s are shown in Figure 3-5. Compared to the microstrips used in
the BiCMOS technology [65], [66], [77], the loss is approximately 0.2 dB lower at 70 GHz for
the 50-Ω transmission line despite the use of thinner metal layers in the foundry CMOS [74].
3.4.4 Circuit Bias and Diode Sizing

Using the diode models extracted from measurements and transmission line models from
HFSS simulations, harmonic balance and S-parameter simulations were performed in Agilent
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Advanced Design System (ADS) to determine the optimum diode size and transmission line
lengths as well as the proper DC bias for the diode [74].
Input power level and mj determine the bias point and diode size for the maximum
efficiency. Since at the time of design, the maximum power from V-Band sources (Gunn
oscillator) available in the research group is less than 5 dBm including the loss of cables, 5-dBm
input power is chosen for simulation to optimize conversion efficiency. This power level
together with the low mj results the multiplier to exhibit higher efficiency in the varistor mode.
Forward biasing the diode improves the conversion efficiency from less than 1% at -0.6 V bias to
2% at 500 µA forward bias for each diode pumped by 5-dBm input signal at 70 GHz. The
optimum diode size is a 5 by 6 array of 0.32 × 0.32 µm2 diode unit cells with 14-Ω series
resistance and 15-fF zero-bias Schottky junction capacitance [75].
3.4.5 Measurement Results

Figure 3-6. Varistor mode diode frequency multiplier die photograph in the UMC 130-nm logic
CMOS process.
A photograph of the fabricated chip and the diode array are shown in Figure 3-6. The total
die area is ~1.05 mm × 1.03 mm. The active area including those of the diode and main
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transmission lines is ~ 0.25 mm2. Most of the area is occupied by the ground plane formed by
shunting metal 1 up to metal 8 layers.
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Figure 3-7. Measured and simulated S-parameters of the varistor mode frequency multiplier at
Ibias= 500 µA for each diode.
The S-parameters of doubler were measured using an Agilent E8361A network analyzer. A
pair of GGB 110H-GSG-150P probes was used to measure the doubler from 40 to 100 GHz.
Measurements above 110 GHz are not available because the maximum operating frequency of
network analyzer is limited to 110 GHz. Figure 3-7 shows the simulated and measured |S11| and
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|S22| at Ibias = 500 µA for each diode. The measured and simulated behaviors agree well. Input
matching |S11| is below -10 dB between 62 and 70 GHz, while the isolation of fundamental signal
at the output 1/|S21| is greater than 14 dB from 62 to 70 GHz.
A power measurement set up shown in Figure 3-8 was constructed to measure the output
harmonics of the doubler. The input signal from the Agilent E8361 network analyzer is amplified
by two Terabeam HHPAW-071 V-band power amplifiers and then fed to the doubler through a
GGB 67A-GS-150P probe. Meanwhile, a GGB 120-GHz ground-signal waveguide probe was
used to connect the output to an Agilent E4448A spectrum analyzer through an Agilent 75~110GHz harmonic mixer. The gain of input chain including cables and power amplifiers as well as
input probe has been calibrated from 55 to 67 GHz for varying power levels using an OML
M15HWD 50~75-GHz harmonic mixer and an HP 8563E spectrum analyzer. Due to the
linearity and saturation power limitation of the power amplifier and OML mixer, the maximum
calibrated power that can be provided to the frequency doubler is 8.5 dBm at frequencies
between 55 and 67 GHz [74].
The frequency response of Agilent 75~110-GHz harmonic mixer has been characterized
with an ELVA-1 75~110-GHz power meter from 75 to 110 GHz. The loss of mixer from 110 to
125 GHz was linearly extrapolated from the measured data. The calibrated as well as
extrapolated loss is shown in Figure 3-9. The standard deviation of harmonic mixer loss
measurements over multiple calibrations is less than 1.2 dB at each frequency point. At 132 GHz
the estimated loss is ~5 dB higher than that at 110 GHz. In reality, the loss will be even higher
due to propagation of multiple modes in the waveguide of harmonic mixer above 110 GHz [78].
The output probe loss was assumed to be the same as that at 110 GHz (~1.6 dB from the data
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sheet). Once again, the actual loss is expected to be higher. Thus, the de-embedded power and
conversion gain are lower than the actual [75].

Figure 3-8. Power measurement setup for varistor mode frequency multiplier.
The diodes are biased using an external power supply through the 1.2-kΩ on-chip nonsilicide polysilicon resistor. The optimum bias for each diode is around 500 µA, corresponding
to 0.4-V forward bias (close to diode turn-on voltage) for 2-dBm input pump power at 132 GHz
output frequency. Figure 3-8 also shows the measured output spectrum at 132 GHz over 1 MHz
span. The spectrum is well defined, as well as showing the skirt associated with the phase locked
input signal. Using the frequency extension module of network analyzer, the frequency of input
signal was swept up to 75 GHz at input power level of ~ 8 dBm. Outputs at frequencies up to
140 GHz have been observed.
Figure 3-10 shows the conversion loss (CL) and output power versus the output frequency
at three different input power levels. The maximum output power and minimum CL occur
around 130 to 132 GHz. These suggest that the output is matched at ~130 GHz. The ringing in
the CL plots is most likely due to the variation of PA match (Figure 3-8) with frequency. The 3-
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dB bandwidth is ~6 GHz from 128 to 134 GHz. The measured CL and output power versus input
power at 66 GHz input/132 GHz output are shown in Figure 3-11. The minimum CL of 14 dB
occurs at input power of 2 dBm, corresponding to 4% efficiency. The maximum output power is
~ -11 dBm at 132 GHz. The simulation and measurement results match reasonably. The increase

W-band harmonic mixer loss (dB)

of CL at higher power is due to the increase of diode current dependent series resistance [79].
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Figure 3-9. Agilent 75~110-GHz harmonic mixer loss calibration and extrapolation.
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Figure 3-10. Conversion loss and Pout versus output frequency at Ibias=500 µA for the varistor
mode frequency multiplier.
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Figure 3-11. Conversion loss and Pout versus input power for 132-GHz output at Ibias=500 µA
for the varistor mode frequency doubler.
3.5 Design of 125-GHz Varactor Mode Frequency Multiplier

In the previous section, the first mm-wave varistor mode diode frequency doubler
fabricated in 130-nm CMOS exhibits comparable conversion loss (~14 dB) at 132 GHz as that at
110 GHz for the doubler fabricated in a 130-nm SiGe BiCMOS process. The maximum output
power (-11 dBm) is ~10 dB lower than that in [65] and [66]. Therefore, the doubler was further
optimized. This section discusses the details of optimization effort, which result a varactor mode
diode frequency multiplier in the 130-nm CMOS with -10-dB minimum CL and -1.5-dBm
maximum output power at 125 GHz.
3.5.1 Design Optimization

From the analysis in 3.2.3, the operation mode of diode in frequency multipliers is a
critical factor determining the intrinsic efficiency. The theoretical CL is n2 (n is the output
harmonic order) for varistor mode frequency multipliers, while 0 dB for varactor mode ones.
Consequently, varactor mode operation is chosen for this improved design.
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Figure 3-12. Measurement results of mj and fco for STI SBD’s with varying unit cell area in the
UMC 130-nm logic CMOS process. Calculated theoretical efficiency and fcd are also
shown.
In this mode, a diode is reverse biased and the voltage modulation on Schottky junction
capacitance causes reactive multiplication [21]. The junction grading coefficient, mj is a
dominant factor determining the varactor mode conversion efficiency. Higher mj is desired to
reduce conversion loss. For Schottky diodes fabricated in CMOS, mj is degraded by the parasitic
capacitance Cp in Figure 2-2 between the Schottky contact metal lines and n-well as well as its
contact metals. This capacitance which is almost independent of bias decreases the sensitivity of
total capacitance to diode bias voltage. Since a diode with a larger unit cell area requires less
interconnects at given capacitance, such a diode has higher mj. Figure 3-12 shows the measured
mj for multiple square STI SBD test structures with different unit area, which is consistent with

the above discussion [74]. All the diode structures have l2 = 2 µm and l3 = 0.6 µm.
Besides mj, zero-bias cut-off frequency fco is another factor which affects the conversion
efficiency. To achieve low conversion loss, fco >> fn is desired [39]. The analysis in section 2.2.2
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shows that decreasing diode unit cell area As will increase the fco. Yet the impact of Cp increases
and this degrades mj. Therefore, mj and fco must be properly traded off.
Table 3-2. A 38 × 0.64 µm × 0.64 µm STI SBD measurement results in the UMC 130-nm logic
CMOS process
Series
resistance
Rs (Ω)
4.7

Zero-bias junction
capacitance
Cjo (fF)
50

Grading
coefficient
mj
0.49

Zero-bias cut-off
frequency
fco (THz)
0.7

Saturation
current
Is (nA)
4.75

Ideality
factor
n
1.03

According to [80], for a fully-driven diode operating in the varactor mode (the voltage
swing across a diode is from the breakdown to turn-on voltage), the maximum conversion
efficiency of the diode is


c 


1  B(m j ) 
c
1  B(m j )

(3-8)

where, ωc* is the cutoff frequency at breakdown voltage of the diode, ω is the fundamental
frequency. B(mj) is a monotonically decreasing function of mj for its value less than 0.6, which is
the case for the integrated Schottky diode structure. The calculated theoretical efficiency based
on (3-8) and dynamic cut-off frequency fcd are also shown in Figure 3-12. Since the diode with
unit cell area As of 0.64 µm × 0.64 µm has highest theoretical efficiency and fcd, a diode with this
unit cell area was chosen for this design with optimized dimension of l2 = 1 µm and l3 = 0.6 µm.
Similar to the diode design for varistor mode operation, to reduce the parasitic capacitance, the
top metal layer (metal 8) is used to connect the anodes of unit diode cells, while the n-well
contact is formed by shunting the two lowest metal layers. Table 3-2 lists the measured
parameters for a 38 × 0.64 µm × 0.64 µm diode in the UMC 130-nm logic CMOS process.
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3.5.2 Circuit Design and Simultion

This varactor mode frequency multiplier uses the same topology and transmission lines as
the varistor pair in section 3.4. Once again, using the diode models extracted from measurements
and transmission line model from HFSS simulations, harmonic balance and S-parameter
simulations were performed in ADS to determine the optimum diode size and transmission line
lengths as well as the proper DC bias for the diode.
For the optimized diode structure in this design with a unit cell area of 0.64 µm × 0.64 µm
and mj = 0.49, the optimum bias for Pin = 10 dBm and fin = 70 GHz is -1 V, and the simulated
maximum efficiency is 5.7%. The voltage across the diode varies from 0 V to -3.9 V and the
diode is in varactor mode. The efficiency improves from around 2% at zero diode bias to around
5.7% at -1 V for Pin = 10 dBm. When the reverse bias is more positive than the optimum, the
efficiency is limited by the clamping action of forward biased junction while the efficiency is
lowered by decreased voltage dependence of capacitance when the reverse bias is more negative
than the optimum [74].
The optimum diode size depends on the input power level [80]. For a fully pumped diode
with the voltage swinging from the breakdown voltage to turn on voltage,
Pavg  A(m j ) in C min (V BV   bi ) 2

(3-9)

where Pavg is the average converted power from the fundamental signal to the second harmonic.
Ideally, Pavg is equal to input power assuming no loss and optimum matching. A(mj) is a function
of grading coefficient mj, ωin is fundamental frequency in radian, Cmin is the minimum
capacitance at the breakdown voltage, and VBV is the breakdown voltage. If a diode size is too
small, the maximum output power is limited. If a diode size is too big, the voltage swing across
the diode decreases due to the impedance drop, which eventually leads to reduced modulation of
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junction capacitance and lower efficiency. The simulated optimum size of each diode for input
power of 10 dBm is 38 × 0.64 × 0.64 m2, which has the maximum simulated voltage swing
across diode in Figure 3-13. The measured Cjo and Rs are 50 fF and 4.7 Ω, respectively [74].
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Figure 3-13. Simulated voltage across diode versus number of unit diode cells.
To make the layout more compact, the open stubs at the output are folded. The folded
structure has been simulated in HFSS. The folding increases conversion loss of the circuit at 125
GHz output by only 0.2 dB for 10-dBm input power level.
3.5.3 Measurement Results

The varactor mode frequency doubler was once again fabricated in the UMC 130-nm logic
CMOS technology without any process modifications. Figure 3-14 shows the fabricated chip and
the diode array. The total die area is ~1.1 mm × 0.7 mm. The active area including those of the
diode and main transmission lines is ~ 0.21 mm2. Most of the area is occupied by the ground
plane formed by shunting metal 1 up to metal 8 layers.
Figure 3-15 shows the simulated and measured |S11| and |S22| at -1.5 V bias for the diode.
The measured and simulated behaviors agree well. Input matching |S11| is below -10 dB between
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61 and 66 GHz, while the isolation of fundamental signal at the output 1/|S21| is greater than 12
dB from 61 to 66 GHz.

Figure 3-14. Die photograph for varactor mode frequency doubler in the UMC 130-nm logic
CMOS process.
The power measurement setup was constructed in the same way as that for varistor mode
frequency multiplier in Figure 3-8. The only difference is that an HP 8563E spectrum analyzer is
used instead of the Agilent E4448A spectrum analyzer. The loss of the system including the
cable and harmonic mixer losses are all calibrated using the method discussed in section 3.4.5 for
the varistor mode frequency doubler. Based on the measurement and extrapolation in Figure 312, the estimated loss of Agilent 75~110 GHz harmonic mixer at 125 GHz is ~4 dB higher than
that at 110 GHz. Similarly, due to the multiple mode propagation and conservative estimation of
probe loss, the de-embedded power and conversion gain are under estimated [74].
The diodes are biased again using an external power supply through the 1.2-k on-chip
non-silicide polysilicon resistor. The optimum bias voltage for each diode is around -2 V for 8.5dBm pump power at 125-GHz output frequency. The DC bias current in each diode is 3 µA.
Figure 3-16 shows the CL and output power versus the output frequency for three different
input power levels. The maximum output power and minimum CL occur around 125 GHz. The
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measured CL and output power versus input power at 125 GHz output are shown in Figure 3-17.
Once again the measured and simulated behaviors agree reasonably. The difference between
simulation and measurement might due to the errors in diode modeling and frequency tuning.
The minimum CL of about 10 dB occurs at input power of 8.5 dBm, corresponding to ~10 %
efficiency. The maximum output power is ~ -1.5 dBm at 125 GHz. There is no saturation of CL
up to input power of 8.5 dBm suggesting that the doubler should be able to provide even higher
output power if an input signal source with higher calibrated power is used.
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Figure 3-15. Measured and simulated S-parameters at Vbias= -1.5 V for the varactor mode
frequency doubler.
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Figure 3-16. Conversion loss and Pout versus output frequency at Vbias = -1.5 V for the varactor
mode frequency doubler.
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Figure 3-17. Conversion loss and Pout versus input power for 125-GHz output at Vbias= -2 V for
the varactor mode frequency doubler.
Figure 3-18 shows the bias dependence of the conversion loss for 125-GHz output signal.
Vbias is the bias voltage applied at the DC pad. This is essentially the DC voltage across the diode
when it is reverse biased. As discussed, with the increasing input power level, the optimum bias
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point of the conversion loss shifts more negative to delay the onset of the compression resulting
from the forward conduction of the diode [74].
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Figure 3-18. Conversion loss versus bias for 125-GHz output at varying input power levels for
the varactor mode frequency doubler.
3.6 Conclusions

The feasibility of utilizing Schottky barrier diodes fabricated in foundry CMOS for mmwave applications has been demonstrated by implementing a varistor mode and a varactor mode
frequency multiplier. The varistor mode and varactor mode frequency doubler exhibits 14-dB CL
at 132-GHz and 10-dB CL at 125-GHz output frequency, respectively. These performances are
comparable to that of the doubler fabricated in the SiGe BiCMOS process. Table 3-3 summarizes
the performance of the CMOS frequency doublers. The -1.5-dBm output of varactor mode
frequency doubler is the highest power generated by a circuit fabricated in CMOS above 100
GHz [7]. Using the CMOS Schottky barrier diodes, it should be possible to implement frequency
doublers operating above 200 GHz. Eventually, it may be possible to generate signals at 1 THz
and higher with Schottky barrier diodes in CMOS.
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Table 3-3. CMOS frequency multiplier performance summary and comparison

Topology
Nonlinear
device
Diode fco
Diode size
|S11| <-10 dB
fout
Bias voltage
Minimum
conversion
loss
Maximum
output
power
Technology

Frequency
doubler in [61]

Frequency doubler in
[66]

Shunt type
Schottky barrier
diode
~0.6 THz
66 µm2 for each
diode
N/A
70 ~ 76 GHz
Negative bias
4.4 dB @ fout =
76 GHz

Series type
Schottky barrier diode

15.6 dBm @ fout
= 76 GHz,
Pin = 20 dBm
GaAs

~1.1 THz
4 µm2
50 ~ 55 GHz
95 ~ 110 GHz
0V
~ 11 dB @ fout = 100
GHz;
14 dB @ fout = 110 GHz
2.5 dBm @ fout = 100
GHz,
Pin = 16 dBm
0.13-µm SiGe BiCMOS
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Varistor
mode frequency
doubler
Shunt type
Schottky barrier diode

Varactor
mode frequency
doubler
Shunt type
Schottky barrier diode

~0.8 THz
30 × 0.32 × 0.32 µm2
for each diode
62 ~ 70 GHz
120 ~ 134 GHz
0.4 V
14 dB @ fout = 132
GHz

~0.7 THz
38 × 0.64 × 0.64 µm2
for each diode
61 ~ 66 GHz
120 ~ 125 GHz
-2 V
10 dB @ fout = 125 GHz

-11 dBm @ fout = 132
GHz,
Pin = 6 dBm
0.13-µm CMOS

-1.5 dBm @ fout = 125
GHz,
Pin = 8.5 dBm
0.13-µm CMOS

CHAPTER 4
P-N DIODE BASED TRANSMIT/RECEIVE SWITCH IN CMOS
4.1 Introduction

A Transmit/Receive (T/R) switch is the first building block in a Time Division Duplexing
(TDD) system, where users are allowed only to either transmit or receive at a given time interval
[81]. Unlike mixers, which switches signals rapidly at radio-frequency, a T/R switch is left in
one state, on or off, for long intervals, ~1 ms, before it is switched to the other state [82]. And
because the cut-off frequency requirement of device is low, integrated p-n junction diodes,
Schottky barrier diodes, MOS transistors as well as discrete PIN diodes and III-V MESFETs are
all suitable for T/R switch applications. In this chapter, the potential of using CMOS p-n junction
diodes in T/R switches for performance improvement is presented.
4.1.1 T/R Switch Parameters
ANT

PA
T/R switch

TX
Port 1

Port 3

LNA
RX
Port 2

Figure 4-1. Simplified TDD transceiver architecture.
A simplified TDD transceiver architecture is shown in Figure 4-1. A low noise amplifier
(LNA) at receiver (RX) side and a power amplifier (PA) at transmitter (TX) side connect to an
antenna (ANT) through a single-pole-double-throw (SPDT) T/R switch. In transmit mode, high
power from a PA is sent out to an ANT. The switch should be able to handle this large power
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without excessive distortion and loss. Besides, good isolation between TX and RX is required to
limit the leakage of power from PA to LNA, which may stress the LNA by the high voltage in
transmit mode. During receive mode, the ANT picks up very weak signals and delivers to the
LNA. The loss of switch increases noise figure of a receiver by the same amount. Thus, the T/R
switch should have low loss to reduce its impact on receiver sensitivity [83].
Figures of merit of T/R switches include insertion loss, isolation, return loss and linearity.
Their definitions are as follows. All three ports defined in Figure 4-1 are assumed to have the
same characteristic impedance of Zo.
INSERTION LOSS (IL) characterizes how much signal power is dissipated by the switch
when the switch is on. IL(dB)=-20log(|S31|) for transmit mode and IL(dB)=-20log(|S23|) for
receive mode. These are affected by the mismatch or return loss as well.
ISOLATION (IS) represents how much signal power is attenuated through the switch when
the switch is off. The expression for isolation is the same as that of insertion loss.
RETURN LOSS (RL) measures how much power is reflected back from a specified port. It
describes the degree of mismatch. RL(dB)=-20log(|Sxx|), where x=1~3.
LINEARITY or POWER HANDLING CAPABILITY of the switch is usually represented by
1-dB compression point (P1dB) and third-order intercept point (IP3) at output or IP1dB and IIP3 at
input. IP1dB is defined as the input signal power that causes the small-signal gain to drop by 1 dB
[2] and the corresponding output power is defined as P1dB. IP3 and IIP3 are defined as the output
and input power level at which the linearly extrapolated output power of desired signal and that
of the third order intermodulation component intersect. The linearity requirement of transmitter
is much higher than that for a receiver.
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A high quality T/R switch exhibits low insertion loss, high isolation and high P1dB, which
requires the switching devices to have low on-resistance (Ron) and off-capacitance (Coff) product
as well as high breakdown voltage.
4.1.2 CMOS T/R Switch Design Challenges

Traditionally, T/R switches are implemented using GaAs MESFETs and PIN diodes. This
hinders their integration with other transceiver building blocks besides their higher fabrication
cost. Meanwhile, CMOS technology has demonstrated its potential to integrate all the digital and
analog circuits into one single chip, which leads to lower manufacturing cost especially for high
volume products. These have been the motivations to implement a fully integrated T/R switch in
a bulk CMOS technology.
There are two major obstacles to make a high quality transistor based CMOS T/R switch.
First is the relatively large channel resistance [84], [85]. Compared to GaAs devices, CMOS
MOSFET’s have higher channel sheet resistance (ρch) due to the lower electron mobility. The
channel resistance Rch = ρch · L/W, where W and L are the channel width and length respectively,
determines the insertion loss of CMOS T/R switch. Lower the channel resistance, lower is the
insertion loss. To reduce Rch, big W/L ratio is required. However, W can not be increased
arbitrarily due to the increased parasitic capacitances resulting from the enlarged source/drain
area. This will lead to signal leakage to the lossy substrate, which is the second challenge for
CMOS T/R switch design [84]-[86]. This degrades the insertion loss when the switch is on and
hurt the isolation when the switch is off. Therefore a minimum gate length which is determined
by the technology is usually utilized to limit the transistor width.
As the technology is scaled, insertion loss of CMOS switches is reduced resulting both
from lower channel resistance and smaller parasitic capacitance [87]. However, the technology
scaling inevitably reduces the transistor breakdown voltage which makes it challenging to
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achieve the necessary power handling performance. Besides this, an additional reliability issue
has to be considered due the presence of an ultra-thin gate oxide layer [84], [85], [88].
4.1.2.1 Low frequency T/R switch design challenges

Table 4-1. Reported CMOS transistor T/R switches with highest IP1dB below 15 GHz
Freq.
(GHz)

IS (dB)
TX RX
37
29

TX IP1dB
(dBm)

Technique, Chip area, Control
voltage

Technology

Ref.

0.9

IL (dB)
TX RX
0.5 1.0

31.3

0.13-µm triple
well CMOS

[89]

2.4

1.5

1.6

32

17

28.5

0.9

0.8

27

17

31.8

0.18-µm
CMOS
90-nm CMOS

[90]

5~6
15

1.7

1.7

32

32

30.0

Floating body, stacking SDR*
transistor, feed-forward
capacitor, 0.11 mm2, 2~6 V
LC-tuned substrate, 0.56 mm2,
0~1.8 V
Body isolation with p implant
block, 0.2 mm2, 5 V
Floating well, differential
switch, 0.18 mm2, 0~2 V

0.13-µm triple
well CMOS

[91]

[86]

SDR*: Sub-Design-Rule transistor [89].

For a transistor based CMOS T/R switch operating below 15 GHz, the insertion loss and
isolation can be improved by minimizing the substrate resistance and DC biasing the S/D nodes
[84], [92]. However achieving IP1dB higher than 1 W, which is needed for several wireless
communication standards, has been a very difficult challenge. The techniques to improve
linearity include DC biasing S/D nodes [84], [92], impedance transformation [87], [93] as well as
floating body. The concept of floating body in CMOS was first introduced in [92] by using a
minimum number of body contacts for transistors. Then depletion-layer-extended transistors
(DET’s) have been introduced in [94], [95] to increase substrate resistance with the help of extra
fabrication masks. An LC-tuned substrate bias is first reported in [90] where the bulk connection
of NMOS transistors is made floating at resonant frequency. Stacked transistor techniques are
employed in addition to the body floating method to further improve the power handling
capability [89], [95]. Table 4-1 lists the maximum reported IP1dB for transistor based CMOS T/R
switches operating below 15 GHz. Most of the switches employ a series-shunt topology.
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Although the maximum output power has reached up to ~31 dBm, the bottleneck of power
handling capability of transistor based T/R switch is still the voltage limitations for reliable
operation. Compared to transistors, p-n junction diodes in CMOS have higher breakdown
voltage, which is greater than 1.3X of 3.3-V thick gate oxide transistor breakdown voltage in the
UMC 130-nm logic CMOS process as shown in Table 4-2. Therefore, it is possible to use p-n
junction diodes to improve the power handling capability of low frequency T/R switches.
Table 4-2. Comparison of breakdown voltage for p-n diodes and MOS transistors in the UMC
130-nm logic CMOS process
Device

p-n junction
p-n junction
diode in p-sub diode in n-well
Breakdown voltage (V)
10.7
14.5
Pmax* (dBm)
30.6
33.2
Pmax*: The maximum delivered power for a 50-Ω load.

1.2-V
nMOS
2.7
18.6

1.2-V
pMOS
3
19.5

3.3-V
nMOS
8.1
28.2

3.3-V
pMOS
6.5
26.3

4.1.2.2 Millimeter-wave T/R switch design challenges

Unlike the other RFIC circuits whose operating frequency has been pushed up to 60 GHz,
CMOS transistor T/R switches for higher frequency operations are explored only to a limited
extent due to the high insertion loss and low isolation [91]. At millimeter-wave frequencies, the
best transistor based CMOS T/R switch has ~3-dB insertion loss, greater than 27-dB isolation
and 15-dBm IP1dB from 50 to 94 GHz [96]. Compared to this, III-V T/R switches have better
performance with less than 2-dB insertion loss, higher than 30-dB isolation [97] as well as 20dBm IP1dB [98]. The insertion loss of common series-shunt topology at lower frequencies is
degraded due to the big parasitic capacitance of shunt-arm at high frequency. While the lack of
shunt arm results poorer isolation [91].
At the millimeter-wave frequency range, it is challenging to achieve isolation higher than
20 dB due to the significantly reduced impedances of parasitic capacitances Cjd and Cjs as well as
Cds between source and drain in Figure 4-2. This necessitates a trade-off between insertion loss
and isolation during sizing of the transistors [99]. Besides, passive components like inductors
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and transmission lines for matching networks have low Q in standard CMOS technologies. These
pose challenges for millimeter-wave T/R switch design.
Vg
Rg
(~kΩ)
G

Cds
RF Floating

D

D

S

Cjd

Rsub

S
Rch

Cjs

Rsub

Figure 4-2. MOS transistor small-signal model.
As mentioned, shunt elements are commonly place at TX and RX branches to achieve
sufficient isolation. However, this increases insertion loss. To overcome this, the technique of
merging the shunt transistors into matching network to reduce their impact on insertion loss is
developed [99]; traveling-wave (distributed switch) concept is also utilized to periodically load a
transmission line or an inductor with the parasitic capacitance from shunt transistors [96],[100].
Table 4-3 lists the performance of millimeter-wave CMOS transistor T/R switches up to the
present. The power handling capability and insertion loss are inferior to those of III-V T/R
switches.
To improve linearity, p-n diodes with higher breakdown voltages can be used. The
measured breakdown voltage of p-n diodes is higher than 11 V which is ~2-3X higher than that
of a 1.2-V MOS transistor in the 130-nm CMOS technology. Besides, a p-n diode has less
parasitic capacitance to lossy substrate than a MOS transistor, using it as a shunt element should
reduce insertion loss degradation. In simulation, p-n diodes with equivalent on-resistance as an
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NMOS transistor have ~3X lower parasitic capacitances. Using a similar optimized layout as that
of high Q Schottky barrier diode, the p-n diodes achieved a cut-off frequency of ~1.8 THz.
Because of these, it should be possible to use p-n diodes to improve millimeter-wave switch
insertion loss and power handling capability.
Table 4-3. Performance comparison for reported millimeter-wave CMOS transistor T/R
switches
Freq.
(GHz)
0~50

IL (dB)

IS (dB)

IP1dB
(dBm)
19.6 @ 40
GHz

<6

ANT- TX/RX
>38

50~94

<3.3

ANT-TX/RX
>27

15

57~66

4.5~5.8

4.1

57~66

3.5~4.9

TX-RX
24~26
TX-RX
>30

7.2

Technique, Chip area

Technology

Ref.

Body floating, stacking
transistors, distributed
switch, 0.25 mm2
Body floating, traveling wave
switch (distributed switch),
0.24 mm2
2 shunt transistors at each
branch, 0.21 mm2 w/o pads
2 shunt transistors at each
branch, 0.13 mm2 w/o pads

0.18-µm triple well
CMOS

[100]

90-nm triple well
CMOS

[96]

0.13-µm triple well
CMOS
0.13-µm triple well
CMOS

[99]
[101]

4.1.3 P-n Junction Diode T/R Switch Design Challenges

Although p-n junction diodes have higher breakdown voltage to handle large power, their
static power consumption due to the bias current remains as a drawback. To turn a diode on, it
needs to be biased at several mA’s to ensure low AC resistance for low insertion loss in series
topology or high isolation in shunt topology. Reducing this static power consumption is a
challenge.
Besides this, the current must be supplied through a choke or a biasing circuit which
minimize the power consumption when a diode is on while providing high impedance when the
diode is off. A high impedance choke design is challenging in CMOS due to the significant
parasitic capacitance resulting from thin dielectric layers that lowers the impedance. These issues
will be discussed in the following sections.
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4.2 Design of 60-GHz P-n Diode/MOS Transistor T/R Switch in CMOS
4.2.1 Design Specifications and Switch Topology

Table 4-4 lists the design specifications for the 60-GHz T/R switch.
Table 4-4. Design specifications of 60-GHz p-n junction diode T/R switch
Specification parameter
Operating frequency (GHz)
Insertion Loss (dB)
Return Loss (dB)
Isolation (dB)

Target value
60
<3
> 10
RX-ANT > 20 (TX mode)
TX-RX > 20 (TX mode)
TX-ANT as high as possible (RX mode)
> 20 (TX mode)
As high as possible (RX mode)
0 < Vctrl < VDD
As small as possible

Input linearity IP1dB (dBm)
Control voltage (V)
DC power consumption

ANT

TX

TX
Matching
Network

Quarter-wave
Transformer

Quarter-wave
Transformer

RX
Matching
Network

RX

Figure 4-3. Simplified schematic of a 60-GHz p-n diode/MOS transistor T/R switch.
The switch topology is determined by the available devices and required power handling
capability. As discussed in Chapter 2, since a p+-n diode in an n-well can be biased at both
nodes, this type of p-n junction diode is utilized for the T/R switch design. The breakdown
voltage of diode is higher than 11 V. However, similar to the Schottky diode built in an n-well
discussed in Chapter 3, the n-well to substrate capacitance is non-negligible due to the large nwell size needed to lower the series resistance. Hence, a shunt topology is chosen to overcome
this limitation.
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Due to the different power handling capability requirement of transmitter and receiver,
different switching devices can be utilized. A p-n junction diode is connected in the TX branch
to handle higher than 20-dBm input power, while a low breakdown voltage MOSFET biased in
the triode region is employed in the RX branch to reduce the total power consumption. Figure 43 shows the simplified schematic for the 60-GHz p-n diode/MOS transistor T/R switch. A
quarter-wave transformer is employed at TX and RX to block signals from going into the branch
that is turned off, and matches the ANT port impedance to TX/RX port impedance. Matching
networks are used to match the impedance at TX and RX port.
4.2.2 Circuit Design
4.2.2.1 Diode biasing circuit design

As discussed in section 4.1, a proper diode biasing circuit should provide high impedance
to the diode when it is off while consuming low power when it is on. Possible choices for the
biasing element are a diode, an inductor or a high value resistor. Owing to the diode ideal I-V
characteristics, the impedance looking into the cathode (n-well node for p+-n diode in n-well) of
diode is very high. Yet in reality, there are non-negligible parasitics to lossy substrate at cathode
when the biasing diode size is increased to ensure relatively low impedance of D1 at certain turnon current under fixed supply voltage. Biasing through a high-Q inductor has the advantage of
lower power consumption compared to the previous method. Nevertheless, in advanced CMOS
process, thin dielectric and metal layers make the design of high-Q inductor challenging. Besides
this, the inductor-bias method occupies more area than the diode or resistor-bias scheme and an
inductor has appreciable parasitics to substrate like the diode. The imperfection of ground plane
in the inductor-bias scheme is also more significant than the diode- or resistor-bias schemes due
to the necessary ground slots for avoiding eddy current.
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Besides these, the diode can also be biased through a high value resistor. Although the
power consumption is relatively high, the parasitics introduced by resistor are the lowest among
all three bias schemes. A nonsilicide polysilicon resistor can be utilized to make the occupied
chip area and thus the parasitic capacitance the minimum. The parasitic capacitance at each
terminal of a 1-kΩ nonsilicide polysilicon resistor with dimension of 3 µm×18 µm is less than 2
fF, which is about half of that for a 45 µm × 45 µm 210-pH spiral inductor using top 2 metal
layers without poly ground shield, and ~20X lower than the n-well parasitic capacitance for a
16×0.32 µm×0.32 µm p-n diode. Therefore, a resistor-bias scheme is chosen in this design.
Vout

Vout

R
+
Vin

D1

0

Vout

Vin

0

t

0

-

Vin

-

+

Von
(0.7~1.0 V)

t

Figure 4-4. Clamping characteristics of diode.
Another concern for the biasing circuit is the diode clamping when it is turned on. When
the voltage across a diode exceeds the turn-on voltage, the positive voltage waveform will be
clamped at its turn-on voltage VD0 (0.7~1.0 V for a p-n diode) like that in a limiter circuit [4].
This limits the power handling capability of a switching diode which is illustrated in Figure 4-4.
Thus, a diode biasing circuit should also be able to adjust the diode bias according to the
magnitude of the input signal so that the voltage across the diode can swing from the turn-on
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voltage to certain negative voltage without breakdown. This can only be achieved when the two
terminals of diode are made to have high impedance at DC.

Vg1

VDD

MP1

R1

P

Biasing element
D0
Lbias Rbias

Rp

C2

C1
TX

Cp

ANT

B
D1

Vg2

R2

MN1

N
Rn

Cn

Figure 4-5. A diode self-biasing circuit.
Based on these, a diode self-biasing circuit shown in Figure 4-5 has been developed. C1 is
provided by external bias tee and is much bigger than C2 (on-chip metal capacitor) in this design.
Rbias is ~1 kΩ to provide high impedance for the diode for avoiding power leakage when diode
bias chain is off. When a large signal passes through the TX branch, PMOS transistor MP1 and
NMOS transistor MN1 are biased in cut-off region by setting the control voltage Vg1=VDD and
Vg2=0 V. Therefore, the diode bias chain in TX mode can be simplified to Figure 4-6, where the
input is a sinusoidal signal with zero DC level and amplitude of VA from TX port in Figure 4-5.
In one period, D1 conducts a brief interval of ∆t near peak of Vin and Cn is charged with time
constant of Rn(Cn+C1). As the input drops, diode D1 turns off and node N is discharged through
Rn with time constant of RnCn for the rest of the period. Since the charging time (∆t) is much
shorter than the discharging time (~T, period of the signal) or charging time constant is much
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longer than discharging time constant, the voltage at node N stays close to a low DC value of 0
V.
CDC

+
VA

B

-

+

+
D1
N

Vin

-

Rn

Vout

Cn

-

Figure 4-6. Equivalent circuit for the diode bias chain when TX is transmitting.
Therefore, the diode bias chain is equivalent to a DC restorer circuit [4] formed by D1 and
C1. C1 is charged to VC (=VA-VD0) as input signal increases from 0 to VA in its positive cycle.
Then, input signal decreases, diode turns off since the voltage drop across it is less than VD0 and
C1 retains its voltage. Because Vin=VC+Vout according to their polarity in Figure 4-6, output
signal at node B follows the input signal with a DC shift of –VC, i.e., VD0-VA. Hence, a DC
voltage equal to VD0-VA appears at node B. This is equivalent to bias the diode adaptively
according to the input signal level. The voltage across the diode D1 is the difference voltage
between nodes B and N, which swings approximately from -2VA+VD0 to the diode turn-on
voltage if the diode does not breakdown during the negative cycle. If input signal is not large
enough to turn on the diode, D1 will be biased at 0 V and signal across it will not be clamped
either. Figure 4-7 shows the transient waveform at input, node B and N when input signal has
amplitude of 3 V.
Rp and Rn (~1 kΩ) are used to increase the isolation between TX and RX branch so that the
transistor in RX branch won’t see excessive voltage. By-pass capacitors Cp and Cn (2 pF) provide
RF ground at node P/N so that only off-capacitance of D1 and parasitics of Rbias are seen at node
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B. AC coupling capacitors C1 and C2 are necessary to block the diode DC bias to the rest of the
circuit.
4

Vin
2

Voltage (V)

Node N
0

-2

-4

Node B

-6
112.1

112.11

112.12

112.13

112.14

112.15

Time (ns)

Figure 4-7. Voltage waveforms at input, node B and N when input signal has amplitude of 3 V.
When Vg1=0 V and Vg2=VDD, all the devices in the bias circuit are turned on and there is
~2 mA current flowing through diode D1 as well as Mp1 and Mn1. The total on-resistance of Mn1
is set to ~1 Ω to minimize its effect on switch performance. To accommodate 2-mA current and
handle greater than 20-dBm power (±3.2 V signal swing for a 50-Ω system), VDD should be
higher than 2 V and thick gate oxide transistors are used for MP1 and MN1.
4.2.2.2 Quarter-wave transformer

L  Z o /(2f o ) (H)

L
C

C

C  1 /(2f o Z o ) (F)

Figure 4-8. Quarter-wave transformer lumped element equivalent network.
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At 60 GHz, a quarter-wave in silicon dioxide is ~620 µm, which is too long, thus a
transformer constructed with a transmission line will occupy a lot of area, and a lumped
transformer using inductors and capacitors shown in Figure 4-8 is used.
4.2.2.3 Method of improving isolation

As discussed in section 4.1.2.2, achieving sufficient isolation at the millimeter-wave
frequency range is very challenging. A common way to increase isolation is to put several shunt
arms in the TX/RX branch [96], [99], [101]. In integrated transceivers, a transmitter may need to
deliver power as big as 30 dBm of higher in cellular and wireless LAN applications, while a
receiver usually will only pick up weak signals from an antenna. Therefore, the isolation between
TX/ANT and RX in a T/R switch when TX is transmitting (TX mode) is critical to ensure
reliable operation. On the other hand, the isolation requirement for TX/ANT and RX when RX is
receiving (RX mode) is relaxed. Yet it should still be sufficiently high so that the insertion loss
of RX chain is not significantly degraded. Based on these, two identical 1.2-V NMOS transistors
MN2 and MN3 as well as inductor Lx are used to form a π-network with low pass characteristics in
RX branch for isolation improvement in this design [102].
Low pass π-network

Z0=50 Ω

Vin

λ/4

ANT
Zx

Ctran

Lx

Vout

Ctran

Rtran

RX
ZRX
=50 Ω

Rtran

Figure 4-9. Equivalent π-network formed by Lx and MN2 as well as MN3.
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Figure 4-10. Effects of Lx on TX and RX isolation in TX mode.
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Figure 4-11. Effects of Lx on RX-ANT insertion loss in RX mode.
The equivalent circuit of this π-network is shown in Figure 4-9, where Ctran and Rtran are
equivalent capacitance and series resistance of MN2 and MN3, ZRX is the RX port load impedance
(50 Ω). When TX is connected to ANT, MN2 and MN3 are biased in linear region with low
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parasitic resistance of Rtran-on and big parasitic capacitance of Ctran-on. If Rtran-on is negligible, the
transfer function of this network can be expressed as
H (s) 

1 /( Lx Ctran on )
Vout ( s)
1


2
Vin ( s) 1  s Lx Ctranon
s 2  c2

(4-1)

 c  1 / L x C tran on

(4-2)

where, ωc is the cut-off frequency in radian. These are the characteristics of a second-order low
pass filter [4].
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Figure 4-12. Effects of Lx on TX-ANT insertion loss in TX mode.
To achieve acceptable RX mode insertion loss, the sizes of MN2 and MN3 need to be
relatively small. They are less than 30 µm in this design. In simulations, the parasitic capacitance
Ctran-on associated with such a transistor in TX mode will be smaller than 0.5 pF. If Lx is less than
100 pH limited by the chip area, the cut-off frequency for this low pass filter will be greater than
22.5 GHz. Further away the operating frequency from ωc, bigger the attenuation of the filter and
higher the isolation of the switch will be. Therefore, it is possible to use a big Lx for isolation
improvement if the sizes of MN2 and MN3 are fixed. This is illustrated in Figure 4-10 when W/L
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ratio for MN2 and MN3 is 24 µm/0.12 µm. On the other hand, closer the operating frequency to ωc
(when ωc is higher than the operating frequency), larger the transmission of the filter is. This is
the case in RX mode where the parasitic capacitance of MN2/MN3 Ctran-off < 50 fF and ωc > 70
GHz for Lx < 100 pH. Figure 4-11 shows that RX-ANT insertion loss drops as Lx increases.
In the meantime, TX to ANT insertion loss will become worse as Lx increases. When TX is
transmitting, the low pass filter in Figure 4-9 is equivalent to a quarter-wave transformer with
characteristic impedance of ZLP = L x / C tran on (Figure 4-8). Therefore the impedance at ANT
port looking into RX branch is Zx = 50(Z0/ZLP)2. Bigger the Lx, higher the ZLP and lower the Zx
are. These cause more power leakage to RX branch from TX port and degrade TX to ANT
insertion loss. Figure 4-12 shows this effect. However, this degradation is much less than the
improvement of isolation compared with that in Figure 4-10.
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Figure 4-13. Effects of Lx on TX and RX isolation in RX mode.
Similarly, the impedance at ANT port looking into RX branch decreases as Lx increases in
RX mode. The ratio between the power leakages to RX branch and total power transmitted by
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TX equals to 50/(50+Zx), assuming the ANT port impedance is 50 Ω. Therefore, this power ratio
becomes bigger as Lx increases, which means isolation between TX and RX degrades in RX
mode. This is shown in Figure 4-13, although the degradation is not significant.
To balance the insertion loss in the TX and RX modes and to increase the isolation in TX
mode as much as possible, Lx is chosen to be ~70 pH in this design.
4.2.2.4 Passive components design

5 µm

Aluminum

4.7 µm
Metal 8
Metal 7

3 µm

A

B

Figure 4-14. Line inductor configurations with A) side view and B) top view.
The design of passive components especially the inductors for matching networks is
critical for improving switch performance. Although transmission lines are commonly employed
at this frequency, it is still not practical to use them to build large inductors due to their lower
distributed inductance and higher loss in CMOS technology. In this design, inductors with a
value of 50~200 pH are needed. Thus, high-Q line inductors are designed. The other advantage
of using line inductors is that the interconnections can be included as part of inductor design thus
the chip area can be minimized. To reduce the parasitic capacitance to substrate, the top metal
layers are used. To reduce the conductor loss, multiple metal layers (two copper layers metal 7
and metal 8 as well as an aluminum pad layer) are shunted together. The total metal thickness of
inductor is ~2.8 µm. Figure 4-14 shows the configuration of the line inductors. An irregular
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shaped metal 8 layer pattern is used to satisfy the design rules of minimum pad via width while
minimizing the parasitic capacitance to substrate. There is no ground shield under the line
inductor to further reduce the parasitic capacitance. The HFSS simulation results for a 200-µm
line inductor are shown in Figure 4-15. Qeff is defined as –Im(Yxx)/Re(Yxx), where x=1, 2, is the
port number. Qeff of ~27 is achieved at 60 GHz with inductance of ~170 pH.
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Figure 4-15. Line inductor HFSS simulation results.
All the resistors are implemented using a non-silicide polysilicon layer to reduce chip area.
The advantage of non-silicide poly resistor is its lower parasitic capacitance to substrate due to a
smaller area needed compared to a silicided polysilicon resistor. The non-silicide polysilicon
resistor has ~30X higher resistance for a given area. All capacitors are metal-insulator-metal
capacitors for high voltage operation.
4.2.2.5 Schematic of 60-GHz p-n diode/MOS transistor T/R switch

Figure 4-16 shows the complete schematic of 60-GHz p-n diode T/R switch. A p-n diode
D1 is employed in the TX branch to handle greater than 20-dBm input power. This is similar to
that in PIN diode switches [103]. Shunt transistors MN2 and MN3 (1.2-V type) are used in the RX
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branch to make DC power consumption zero in TX mode with the aid of by-pass capacitor Cby.
When the TX branch is connected to the antenna (TX mode), MN2 and MN3 are biased in the
linear region with low impedance. This impedance is transformed high using essentially a
quarter-wave transformer formed by Lr and parasitic capacitances at node Y and ANT port. This
lowers the power leakage into the RX branch and TX branch insertion loss. Because of this, the
shunt transistors do not see high voltages and it is permissible to use low voltage MOS
transistors.
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Figure 4-16. A 60-GHz p-n diode/MOS transistor T/R switch schematic.
In the RX mode, the p-n diode is on. Similar to the previous case, Lt and C1 as well as the
parasitic capacitances at node X and ANT port quarter-wave transform the on-impedance of
diode to high impedance. The drain voltage of MN2 and MN3 is also set high to lower the total
off-state capacitance. To reduce insertion loss even more, the body-floating technique using a
limited number of substrate contacts [92] is utilized. The TX and RX pad parasitics are tuned out
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using Ltx and Lrx. Series coupling capacitors CDC’s (2 pF) not presently integrated (bias tee) are
needed at the TX and RX nodes to DC isolate the switch biases [104].
C1 is utilized for isolating the biases of TX and RX branches. A wide transistor (3300
µm/0.34 µm) is used for MN1 to minimize the on-impedance of diode biasing chain for lower
insertion loss and higher isolation in RX mode. D1 is made of 30 cells of a 0.32 µm×0.32 µm p+n diode in n-well with ~16-fF off-state capacitance, ~5-Ω parasitic resistance. MN2 and MN3 have
a size of 24 µm/0.12 µm and an on impedance of ~19 Ω as well as a 24-fF off-state capacitance
at their drain node. To reduce gate resistance, double gate contacts are used. Also metal 1 to
metal 3 stacks are employed for source/drain connections to reduce parasitic resistance without
adding excessive source drain parasitic capacitance. The simulated power handling capability
limited by reliability is higher than 21 dBm to ensure the voltage drops across the 4 terminals are
less than 4 V and 1.5 V for 3.3-V and 1.2-V transistors, respectively.
4.2.3 Measurement Results and Analysis
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Figure 4-17. Die photograph for a 60-GHz p-n diode/MOS transistor T/R switch in the UMC
130-nm logic CMOS process.
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This 60-GHz p-n diode/MOS transistor T/R switch was built in the UMC 130-nm logic
CMOS process. Figure 4-17 shows the chip die photograph. The die area is ~0.5 × 0.6 mm2
including bond pads.
A. Small signal performance
The S-parameters were measured using an Agilent E8361A network analyzer. A pair of
GGB 110H-GSG-150P probes was used to measure the switch from 20 to 100 GHz on wafer.
Figures 4-18 and 4-19 show the measured results for TX and RX modes, respectively. In TX
mode, Vg1 = 0 V, Vg2 = 1.2 V and VDD = 2 V. DC power consumption is ~0 mW. The TX port
return loss (TX_RL) is below -10 dB from 30 to 57 GHz and ANT port is matched from 37 to 84
GHz. The TX-ANT insertion loss (TX-ANT_IL) is ~2.1 dB around 60 GHz. The isolation
between TX and RX is 19.5 dB at 60 GHz.
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Figure 4-18. Measurement results in TX mode.
In RX mode, Vg1 = 3.3 V, Vg2 = 0 V and VDD = 2 V. The diode draws ~2.5 mA current.
The switch power consumption is 5 mW. The RX port is tuned from 62 to 95 GHz and the ANT
port is matched from 53 to 88 GHz. The RX-ANT insertion loss (RX-ANT_IL) is ~3.1 dB at 60
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GHz. The isolation between TX and RX is ~12 dB at 60 GHz. This is low but acceptable since
the received power is low [104].
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Figure 4-19. Measurement results in RX mode.
B. Power handling capability
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Figure 4-20. Measured and simulated output power versus input power in TX mode at 60 GHz.
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The power handling capability in TX mode was characterized using an Agilent E8257D
0.25~67-GHz signal generator, an OML V-band harmonic mixer and an Agilent E4448A
spectrum analyzer at 60 GHz. This setup allows application of 9 dBm at the input. Figure 4-20
shows the measured results. The data points at 10-, 13.8-, 14.2- and 18-dBm input were taken
using a Terabeam Gunn oscillator with 22-dBm output power. The switch hasn’t reached its
IP1dB up to 18-dBm input power.
C. Switching speed
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0

-100
-200
-300
150

tfall=1.7 ns

250

trise=3.3 ns

350

450

550

Time (ns)

Figure 4-21. Simulation results for the switching speed of the 60-GHz p-n diode/MOS transistor
switch when TX is transmitting 0-dBm power.
The switching speed is characterized by the rise time, trise, and fall time, tfall [99]. The rise
and fall time are defined as the time between 10% and 90% points of the transition waveforms
[105]. A transient simulation in Cadence is used to evaluate the switching speed of the switch. In
this simulation, control voltages Vg1 and Vg2 in Figure 4-16 are set as 5-MHz 50% duty cycle
pulses with a high level of 3.3 V and 1.2 V, respectively, and low level of 0 V for both. The input
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signal is a 60-GHz sinusoid waveform at 0-dBm power level coming from TX port. DC blocking
capacitor CDC is 1 pF. The rise and fall time are measured from ANT port output waveform to be
~3.3 and 1.7 ns, respectively. Figure 4-21 shows the simulated waveform. This is faster than
commercial GaAs PIN diode switches which usually have switching speed of tens or even couple
hundreds of nanoseconds [106], [107]. The variations of trise and tfall versus the input power are
shown in Figure 4-22. When the input power is greater than -10 dBm, switching speed reduces as
input power increases. However, the switching time also gets longer as input power reduces
when the input power is lower than -10 dBm.
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Figure 4-22. Switching time versus input power of the switch in TX mode.
The switching of transistors MN2 and MN3 by Vg2 in Figure 4-16 is relatively fast due to the
small transistor size of 24 µm/0.12 µm with gate capacitance of ~16 fF for both. The time
constant for the network R3-MN2 or R4-MN3 in Figure 4-16 is less than 0.1 ns. For the input power
greater than -10 dBm, the switching speed of diode bias chain is expected to dominate the speed
performance of the switch. When the input power is below -10 dBm, diode bias chain can be
switched faster which will be discussed later and the switching behavior of R3-MN2 as well as R4-
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MN3 networks slows down the entire switch. This is illustrated by the comparison of the solid
and dashed curves shown in Figure 4-22, where the dashed curves are the switching time when
Vg2 is set at a constant value of 1.2 V and the solid curves are the ones when Vg2 is a 5-MHz
pulse.
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Figure 4-23. Equivalent circuits of the diode bias chain when A) Vg1 is low, B) Vg1 is high and
C) the waveform of Vg1.
Figure 4-23 shows the simplified equivalent circuits when Vg1 is low and high, where RMP1
and RMN1 are the on impedance of the MP1 and MN1. The inductors Ltx and Lt are omitted for
simplification. The arrows show the charge moving direction. Right before time t0, there are ~0.7
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V DC voltage at node B and ~VDD at node P. At time t0, Vg1 changes rapidly from 3.3 V to 0 V,
transistors MN1 and MP1 are turned off, node B is discharged from ~0.7 V to ~VD0-VA by the
input signal through the capacitor CDC (1 pF) via paths I and II in Figure 4-23 A) as discussed in
section 4.2.2.1, where VD0 is the diode turn on voltage and VA is the magnitude of input signal.
Therefore, the time constants of networks Rbias-CDC-Rp-Cp-Rn-Cn, R1-MP1 and R2-MN1 in Figure
4-16 determine the rise time trise of the switch.
At time t1, Vg1 changes from 0 V to 3.3 V, MP1 and MN1 are turned on with low impedance,
node B is charged again up to 0.7 V. Since the RMP1 (~14 Ω) is much lower than Rp (1 k Ω), node
P can be charged very fast to ~VDD. Then node B is charged to ~0.7 V through Rbias and CDC.
Therefore, the charging time or tfall is mostly determined by the time constants of networks RbiasCDC, R1-MP1 and R2-MN1 in Figure 4-16. Due to the smaller time constant in discharging of node
B, tfall is shorter than trise. Also slower switching time is expected as the input power increases
from the above analysis because node B is charged and discharged from VD0-VA to VD0 back and
forth.
The switching speed can be improved by decreasing Rbias, Rp, R1, R2, CDC, Cp and sizes of
MP1 and MN1. Changing Rbias from 1 kΩ to 500 Ω can reduce switching time by 10%. Yet this
will degrade insertion loss in TX mode of ~0.3 dB. Reducing CDC from 5 to 1 pF can make the
switching time ~15% lower without significant degradation of insertion loss. Further reduction
of CDC will hurt insertion loss as well. Reducing the time constant of R1-MP1 and R2-MN1
networks by 20X can reduce switching time by 12%. However, R1/R2 can not be too low
otherwise the gate node of MP1/MN1 will not be an open to RF input, which will increase
insertion loss. Besides, reducing the size of MP1/MN1 too much will lower the diode on-current
and increase the Rdiode in Figure 4-23 B), which will degrade insertion loss and isolation in RX
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mode. Reducing the time constant of Rp-Cp network by making Rp lower will hurt insertion loss
and by reducing Cp will make AC grounding at node P worse.
D. Performance summary
Table 4-4 summarizes the switch performance and also compares to those of recently
published millimeter-wave switches. This 60-GHz hybrid p-n diode/MOS transistor switch
fabricated in the UMC 130-nm logic CMOS process exhibits competitive insertion loss as the
MOS T/R switch in 90-nm triple well CMOS with the lowest insertion loss and have better
power handling capability [104]. IP1dB is greater than 18 dBm. Due to unavailability of a high
power signal source, the simulated power handling limit of 21 dBm set by the oxide reliability
(Figure 4-17) has not been experimentally verified. The performance of switch has met the
specifications listed in Table 4-4.
Table 4-7. Performance summary for 60-GHz p-n diode/MOS transistor T/R switch in the UMC
130-nm logic CMOS process
Freq.
(GHz)
50~94
57~66
57~66
57~66

60~90

IL
(dB)
2.7
(77GHz)
5.0
(60GHz)
4.0
(60GHz)
2.1
(TX, 60GHz)
3.1
(RX, 60GHz)
<2.5

IS
(dB)
ANT-T(R)X
29 (77GHz)
TX-RX
24 (60GHz)
TX-RX
30 (60GHz)
TX-RX
20
(TX, 60GHz)
12
(RX, 60GHz)
>25

TX IP1dB
(dBm)
15
(77GHz)
4.1
(60GHz)
7.2
(60GHz)
>18
(60GHz)

Switching
speed (ns)
N/A

Switching
devices
MOSFET

Size
(mm2)
0.6×0.4

0.40 (trise)
0.36 (tfall)
0.40 (trise)
0.36 (tfall)
3.3 (trise)
1.7 (tfall)
(Pin=0
dBm)

MOSFET

0.7×0.3
w/o pad
0.5×0.3
w/o pad
0.5×0.6

>23
(78GHz)

2000 (trise)
6000 (tfall)

Silicon
PIN diode

MOSFET
p-n diode
/MOSFET

3.3×1.7

Technology

Ref.

90-nm triple
well CMOS
0.13-µm RF
CMOS
0.13-µm RF
CMOS
0.13-µm
logic CMOS

[96]

SIMMWIC

[99]
[101]
This
work

[98]

4.3 Conclusions

A 60-GHz hybrid p-n diode/MOS transistor T/R switch was successfully designed using
the UMC 130-nm logic CMOS process. The switch achieves ~2 and 3 dB insertion loss in TX
and RX mode at 60 GHz, respectively. Measured input 1-dB compression point is limited by the
measurement setup and higher than 18 dBm, and isolation is ~20 dB at 60 GHz in TX mode. By
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using a higher breakdown voltage p-n diode, this hybrid switch achieves the highest power
handling capability in CMOS millimeter-wave switches reported up to date. This work suggests
that it is possible to use a p-n diode in foundry CMOS like a PIN diode [98] in millimeter-wave
switches to improve their power handling capability with small impact to insertion loss [104].

102

CHAPTER 5
LOCAL OSCILLATOR SIGNAL GENERATION FOR 77-GHZ RADAR SYSTEM USING
MOS VARACTOR FREQUENCY DOUBLER
5.1 Introduction

Long-Range Radars (LRR) at 76-77 GHz are being used for automatic cruise control
(ACC) or collision warning [108]. Traditionally, these radar systems are built from III-V discrete
components with high cost and bulky size, which make them only suitable in high-end cars
[109]. The advance of CMOS technology today has demonstrated a peak transistor transit
frequency fT higher than 300 GHz [110], [111], which makes it possible to implement these radar
systems with much lower cost and compact size [112].
One of the critical parts for integrated CMOS radar transceiver design is the generation of
local oscillator (LO) signal. The LO signal usually needs about 300 mV-pk swing to drive a
millimeter-wave active mixer with adequate spectral purity [112]. However, this becomes more
challenging as the operating frequency is increased. At millimeter-wave frequencies, the phase
noise of a voltage controlled oscillator (VCO) is degraded by the tank quality factor, layout
parasitics and power consumption constraints [112]. For example, a 30-GHz VCO with phase
noise of -110 dBc/Hz at 1-MHz offset is readily achievable [113], whereas the phase noise of a
60-GHz VCO is higher than ~-100 dBc/Hz at 1-MHz offset [114]-[116]. This is ~4 dB more than
the theoretical degradation of 6 dB (20log(N), where N is the multiplication factor [117]).
Besides, MOS varactors used for VCO frequency tuning has low Q (3~5) and lower selfresonant frequency, which limit the tunability of the millimeter-wave VCO [118]. Finally, the
design of a millimeter-wave frequency divider which is driven by an LO in a phase-locked loop
(PLL) becomes more difficult [112].
An alternative method is to use a frequency multiplier following a PLL stage to provide the
desired LO signal [112]. The idea is similar to that in Chapter 3 where signal from a lower
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frequency source is up-converted by the frequency multipliers to the millimeter-wave
frequencies. This increases the flexibility for system design, allowing use of a technology with
superior noise performance for realizing a lower noise oscillator at lower frequencies with
improved VCO tunability.
LNA

Filter

Filter
fo/5

fo (77 GHz)

4fo/5 (61.6 GHz)
X2

Targeted design

Driver

VCO
(30.8 GHz)

90°

Base
band

fo/5

/2

Figure 5-1. A 77-GHz heterodyne receiver prototype.
Based on this, a frequency generation plan is proposed and shown in Figure 5-1. This is a
dual-conversion heterodyne system with LO signals at 4/5 (61.6 GHz) and 1/5 (15.4 GHz) of 77GHz frequency of the input signal. The 15.4-GHz LO signal can be obtained by dividing a 30.8GHz VCO signal. While the 61.6-GHz LO signal can be realized by incorporating a driver
amplifier at 30.8 GHz and a frequency doubler following the VCO. No buffer amplifier is used
following the frequency doubler to reduce total DC power consumption.
In this chapter, the nonlinear device – a MOS varactor diode for frequency multiplication
is first introduced, and then the design details of driver amplifier and frequency doubler are
presented. The performance of complete LO signal generation circuit will be given in the end.
5.2 MOS Varactor Diode

Voltage-dependent capacitors are called “varactors” or “varicap” [3]. They are widely used
in VCO’s for frequency tuning. Besides this, their nonlinear C-V characteristics are also useful
for frequency multiplication as discussed in Chapter 1.
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In CMOS, reversed-biased p+-n-well diodes and MOS capacitors in
accumulation/depletion modes can be used as a varactor [83]. The tuning range of a p+-n diode is
limited especially when the supply voltage is limited and the capacitance changes rapidly when
the diode starts to be forward-biased. This is accompanied by increased loss due to the
conduction current. As the supply voltage is scaled down, MOS varactors exhibit higher Q and
wider tuning capability than p-n diodes [119], [120]. Therefore, MOS varactors are chosen as the
nonlinear device for frequency multiplication in this design.
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Metal 1
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Figure 5-2. Layout and a cross section for a MOS varactor [83].
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Gate
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Cp
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Figure 5-3. Equivalent circuit for a MOS varactor [83].
A cross section and a layout of a MOS varactor are shown in Figure 5-2 [83], [121]. The
corresponding equivalent circuit is also shown in Figure 5-3 [83], where the parasitic inductance
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of interconnects is modeled by Ls; parasitic resistances including metal, poly and n-well
resistances are represented by Rmetal, Rpoly and Rwell; Cp is the parasitic capacitance between gate
and n-well terminal and Cvar is the varactor intrinsic capacitance. The top and bottom plates of
MOS varactor are formed by silicided polysilicon and n-well, and are separated by a gate oxide
(SiO2) layer with thickness of about several nanometers [122]. Due to this thin dielectric layer,
the varactor has a high intrinsic capacitance-to-area ratio, especially if it is biased in the
accumulation region [122].
Table 5-1. Comparison between thin and thick gate oxide MOS varactors with L=0.36 µm in the
UMC 130-nm logic CMOS process
Capacitance tuning
Maximum voltage[3]
MOS varactor
Quality factor in
ration ξ[2]
across varactor (V)
accumulation mode Qaccu[1]
Thin oxide
16
3.0
1.5
Thick oxide
48
1.9
4.0
[1]: Qaccu=1/(ωRsCmax), measured at 24 GHz [83].
[2]: ξ=Cmax/Cmin [83].
[3]: This voltage is limited by reliability of the gate oxide.
The nonlinear C-V characteristic of MOS varactor is due to the changes of its operation
mode among accumulation, depletion and inversion [19]. When the gate to n-well voltage is
great than zero, electrons are attracted to the polysilicon gate and accumulated at the silicon
surface. The capacitance of MOS varactor reaches its maximum value and equals to the gate
oxide capacitance. If the voltage polarity is reversed, electrons are repelled away from the
surface, which is referred to as the depletion condition. The total capacitance of MOS varactor
decreases due to the series combination of gate oxide capacitance and depletion capacitance. As
the negative gate voltage exceeds the threshold voltage, an inversion layer is formed at the
silicon surface. The capacitance of MOS varactor increases again to the gate oxide capacitance.
However, this can only be observed at low frequencies (several kHz). At higher frequencies, the
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inversion charge cannot respond fast enough to the applied signal and the capacitance remains at
its minimum value.

Capacitance (fF)

40
Verilog-A code:
…
C1=(Cmax-Cmin)/2;
C0=(Cmax+Cmin)/2;
V0=-0.2;
V1=0.6;
Q(V)=C0*V+C1*V1*ln(cosh((V-V0)/V1)))
…

35
30
25
20
-4

Cmax – maximum capacitance
Cmin – minimum capacitance
-2

0
Gate voltage (V)

4

2

Figure 5-4. Thick gate oxide MOS varactor model fitting using a Verilog-A code in Cadence.
The study in [83] demonstrated that varactors with a thicker gate-oxide layer have higher Q
which is defined as 1/(ωRsC). Besides, the voltage limitation is also higher than that of thin gateoxide MOS varactor which enables higher power handling. However the tuning range (Cmax/Cmin)
is narrower due to the bigger effect of Cp on the lowered Cvar. Table 5-1 summarizes the
comparison between the thick and thin gate oxide MOS varactors with L=0.36 µm fabricated in
the UMC 130-nm logic CMOS process. For millimeter-wave LO signal generation in this design,
high Q as well as high power handling capability is desired and thus a thick gate oxide MOS
varactor is chosen.
A Verilog-A code using a hyperbolic tangent function is utilized to model the MOS
varactor in Cadence. Figure 5-4 shows the simulation results using the Verilog-A code as well as
the measurement results of the MOS varactor. The simulation fits well with the measurements.
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5.3 Design of 62-GHz LO Signal Generation Circuit
5.3.1 Design Specifications and Figures of Merit

Table 5-2 lists the design specifications for the 62-GHz LO signal generation circuit. The
figures of merit include conversion gain (or loss), output power, efficiency, and added phase
noise.
Table 5-2. Design specifications of 62-GHz LO signal generation circuit
Specification parameters
Target value
Input center frequency f0 (GHz)
30.8
Output center frequency fn (GHz)
61.6
Return loss RL (dB)
>10
<-5
Input power Pin (dBm)
>5
Minimum conversion gain CGmin (dB)
>0
Maximum output power Pout (dBm)
Efficiency
>5%
Added phase noise
As small as possible
Conversion gain (CG) is the ratio between the desired output harmonic power and the
available source power. Conversion loss (CL) is the inverse of CG. This is same as that defined
in Chapter 3. Usually, multipliers using active devices will exhibit gain, while those using
passive devices will only have loss if no amplifier stages are included. The maximum input
signal power is limited by the power handling capability of nonlinear devices and impedance
matching, while the maximum output power depends on the conversion loss as well as the
maximum input signal power. Therefore, a device which has high power handling capability is
desired to increase output power.
Efficiency (η), different from the conversion efficiency in Chapter 3, is now defined as



Pn
( P0  PDC )

(5-1)

where Pn is the desired output harmonic power, Pω0 is the input fundamental power, and PDC is
the DC power consumption.

108

Added phase noise (APN) is defined as
APN  out  20 log( N )

(5-2)

where φout is the phase noise of output harmonics, and N is the order of output harmonics. A
frequency multiplier is naturally a phase multiplier. It multiplies the input frequency as well as
the phase deviations and this causes a theoretical phase noise degradation given by 20log(N)
[123].
5.3.2 Method of Improving MOS Varactor Power Handling Capability

As discussed in section 3.2.1, for a varactor mode frequency multiplier, it is desirable to
increase the voltage swing across varactor to improve conversion efficiency. The measured thick
gate oxide MOS varactor C-V curve in Figure 5-4 shows a steep transition from Cmin to Cmax with
a narrow active control voltage range from about -0.8 to 0.4 V. This translates to ~5.6-dBm input
power handling capability in a 50-Ω system with proper bias and it is too low to achieve high
conversion efficiency.
To solve this, a distributed bias scheme shown in Figure 5-5 is proposed to differently bias
several varactors connected in parallel [124]. The steep portions of each MOS varactor are
shifted and the effective C-V curve of the entire structure has smaller slope but wider voltage
control range. In this design, four thick gate oxide MOS varactors with unit size of 0.36 µm (L) ×
16.2 µm (W) are connected in parallel and the n-well node of each is biased through a 5-kΩ nonsilicide polysilicon resistor at 0.1, 0.2, 0.3 and 0.4 V. Biasing the n-well node instead of the
polysilicon gate terminal avoids the use of DC blocking capacitors between each varactor, which
reduces chip area and eliminates the associated parasitic effects. The active control voltage
corresponding to the nonlinear C-V curve region increases ~4X and power handling capability
improves ~10 dB from 5.6 to 16 dBm.
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Figure 5-5. Proposed distributed biasing scheme for the MOS varactor.
5.3.3 Design of 62-GHz Frequency Doubler

Figure 5-6 shows a standalone 62-GHz frequency doubler schematic where the input and
output are terminated by 50 Ω. This 62-GHz frequency doubler utilizes the similar topology as
that of the 125-GHz frequency doubler in Chapter 3 where two 4×0.36 µm×16.2 µm thick-gateoxide MOS varactors are placed in parallel to increase output power. Each MOS varactor is then
formed by 4 small varactors shunted and biased at different n-well voltages. 5-kΩ polysilicon
resistors are used for biasing. Bypass capacitors (5 pF) are needed at the n-well node of each
varactor to provide AC ground. Vbias1 to Vbias4 (0.1 to 0.4 V with 0.1 V step) set the bias voltages
for the varactors. DC blocking capacitors CDC1 is necessary to isolate the varactor bias and can be
part of the preceding driver stage. To reduce chip area, line inductors discussed in Chapter 4 and
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metal capacitors are used for the matching network. L2 tunes out the average varactor
capacitance and matches the impedances of the two varactor banks to the 50-Ω input impedance
at f0 to ensure that the maximum fundamental power is delivered to the varactor. The traps at
fundamental and second harmonic frequencies at the input and output are replaced by a low pass
filter formed by L1, C1 and C2 at input and a notch filter formed by L3 and C3 at output,
respectively. The low pass filter at input can filter out the second harmonic and thus minimize
conversion loss by reducing its power consumption at input network [39]. The notch filter at
output is used for the similar reason to provide large suppression for the fundamental signal at
output network.
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Figure 5-6. Schematic of a standalone 62-GHz frequency doubler.
The input pad parasitic capacitance as well as parasitic capacitance of L1 can be absorbed
into C1 at input node. Parasitics of L1, L2, L3 and C3 can also be absorbed into C2 at node A. Input
and output matching are realized by the filters.
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Figure 5-7. Small signal S-parameter simulation results for the 62-GHz frequency doubler.
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Figure 5-8. Large signal S-parameter simulation results for the 62-GHz frequency doubler.
To account for the mismatch between simulation and measurement, the designs are tuned
at 34 and 68 GHz for input and output frequencies, respectively. Figures 5-7 and 5-8 show the
small and large signal S-parameter simulation results. Input and output are well matched at 34
and 68 GHz, respectively. The notch filter at output presents a dip in the |S21| plot at 34 GHz in
Figure 5-7 which ensures sufficient rejection of fundamental signal at output. The |S11| at 34 GHz
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and |S22| at 68 GHz remain below -10 dB up to 15 dBm input. At output, the suppression of
fundamental signal (|S21| at 34 GHz) is greater than 25 dB up to 15 dBm input.
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Figure 5-9. Simulated conversion loss (CL) versus input power for the 62-GHz frequency
doubler.
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Figure 5-10. Simulated output spectrum of the 62-GHz frequency doubler at Pin=10 dBm.
Figure 5-9 shows that CL decreases as the input power increases and no sign of saturation
is observed up to 15-dBm input power. The output power will be greater than 0 dBm if input
power is higher than 10 dBm. The conversion efficiency at 10-dBm input is 11.4%. An output
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spectrum at input power of 10 dBm is also shown in Figure 5-10. At output port, the second
harmonic power at 68 GHz (2f0) is 1.2 dBm, which is about 17 and 26 dB higher than that of
fundamental signal and third harmonic, respectively.
5.3.4 Design of 31-GHz Driver Amplifier (Power Amplifier)

Based on the simulations for a standalone 62-GHz frequency doubler, a driver amplifier at
fundamental frequency (30.8 GHz) with output power greater than 10-dBm is required to
generate an LO signal with power greater than 0 dBm. Another concern for this driver is that it
should have high power efficiency. The overall system efficiency is determined by the power
hungry driver amplifier. The comparisons of recent published power amplifier (PA) at 20 ~30
GHz in Table 5-3 show that the Class-E power amplifier designed in [125] using a mode-locking
technique has the highest efficiency. Therefore this power amplifier topology is chosen for this
design.
Table 5-3. Comparisons of recent published power amplifiers at 20~30 GHz in CMOS
Freq.
(GHz)
24

Gain
(dB)
7

20

26

27

14.5

22

16.3

24

18.8

IDC (mA),
Vsupply (V)
100 mA,
2.8 V
35 mA,
1.5 V

Pout
(dBm)
14

PAE*
(%)
6.5

10.2

20.5

94 mA,
1.8 V
/,
3.6 V
/,
3.6 V

14

13.2

16.8

10.7

19.1

15.6

Topology
Cascode, 2 stages,
Class AB
Common source, 4
stages, modelocking, Class E
Common source, 3
stage
Cascode, 3 stage,
Class AB
Cascode, 2 stage

Area
(mm2)
0.7×1.8
0.9×0.9
0.7×1.2
0.7×0.5
0.6×0.6

Tech.

Ref.

0.18 µm
CMOS
0.13 µm
CMOS

[126]

0.18 µm
CMOS
0.18 µm
CMOS
0.18 µm
CMOS

[127]

[125]

[128]
[129]

*: PAE—power added efficiency, PAE=(Pout-Pin)/PDC.
The mode locking is defined as a condition in which an otherwise self-oscillating circuit is
coupled and forced to run at the same frequency as an input signal, which results in a significant
reduction of the required input power [130]. By combining this with a high efficiency switch
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mode Class-E load network, a Class-E mode-locking PA has superior power efficiency among
all other classic PA’s.
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Figure 5-11. A mode-locking PA. A) Schematic of switching stage [125], B) equivalent circuit
between input and drain node of M1 [125], and C) general feedback system between
input and drain node of M1.
Figure 5-11 A) shows a schematic of the PA, which consists of a conventional Class-E
load network formed by L1, L2, C1 as well as C2, and an oscillator formed by inductor Lg together
with capacitors Cgd and Cgs [131]. CDC is used to isolate bias from the driver stage and Cby is
employed to provide AC ground at the bias node. An equivalent circuit and a general feedback
diagram between the gate and drain nodes of transistor M1 are also shown in Figure 5-11 B) and
C). Zd is the load network impedance. H(s) is the feedforward transfer function which presents
about 180 degree phase shift. G(s) is the feedback network transfer function. When operating
frequency is lower than the resonant frequency of Lg-Cgs network, the impedance at gate node is
inductive with equivalent inductance of Leq and series resistance of Req. And G(s) can be
expressed as [125]
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 Leq C gd  2  jReq C gd   1

To satisfy the Barkhausen’s oscillation criteria [3] and thus to enhance the amplifier power
efficiency, G(s) should have another 180 degree phase shift in addition to the 180 degree phase
shift from H(s). This can be satisfied when ωLeq>>Req and ω<1/ Leq C gd , which means the gate
node network should have high inductive Q and the operating frequency should be well below
the resonant frequency of Leq-Cgd network [125]. The difference between the input frequency and
oscillation frequency or locking range can only be determined by simulations and experiments
[130].
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Figure 5-12. Schematic of a mode-locking Class-E power amplifier [125].
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C2

To
doubler

However, the PA is inherently unstable. To isolate the input from the unstable switching
stages, a 2-stage cascode predriver amplifier is included. They will also provide sufficient gain
and good matching for the input [125]. A common source amplifier stage is inserted between the
two cascode predriver amplifier and final switching stage to accommodate large voltage swing
which will be otherwise limited by the voltage headroom of the cascode amplifier [125]. A
schematic of the PA is shown in Figure 5-12. Potentially, gate bias resistor Rg3 could be replaced
by another high Q inductor with a bypass capacitor like the way Lg and Cby3 are connected. This
will reduce the input power requirement even more and further boost the efficiency. However,
this will make the PA more unstable and thus only one inductor biased stage is used in this
design. The transistors used in this design have the same size as that in [125]. The W/L ratio is
14 µm/0.12 µm for M1/M2, 24 µm/0.12 µm for M3/M4, 40 µm/0.12 µm for M5 and 100 µm/0.12
µm for M6. The pad parasitics are included as part of the matching network. High Q spiral
inductors and metal capacitors are used. The gate bias resistors Rg1~Rg3 are 5-kΩ polysilicon
resistors. The voltage supply of predriver stages and each switching stages are separated to make
the PA more stable by suppressing the signal coupling through a common VDD.
5.3.5 LO Signal Generation Circuit Simulation Results and Discussions

Combining the 62-GHz standalone frequency doubler in Figure 5-6 and the 31-GHz PA in
Figure 5-12, a 62-GHz LO signal generation circuit is implemented. The component values are
adjusted to achieve the highest output power and efficiency. A bond pad is included between the
PA and doubler to add the measurement flexibility for individually characterizing both circuits.
The supply voltage for the 2-stage predriver amplifiers and switching stages are set to 1.45 V.
The gates of M1 and M3 are biased at 0.6 V, while the gates of M5 and M6 are biased at 0.45 V in
Figure 5-12. The current flowing through M1/M2, M3/M4, M5 and M6 are ~2, 3, 5 and 30 mA at -
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10-dBm input, respectively. There is no DC power consumption in the 62-GHz varactor
frequency doubler.
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Figure 5-13. Simulated small signal S-parameters for the 62-GHz LO signal generation circuit.
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Figure 5-14. Simulated large signal S-parameters for the 62-GHz LO signal generation circuit.
Figure 5-13 shows the simulated small signal S-parameters for the entire circuit. The input
and output are again well matched to 34 and 68 GHz, respectively. The variation of input and
output matching with the input power is also shown in Figure 5-14. The input matching is below
118

-10 dB up to -11-dBm input power. The output matching remains relatively constant for the input
power ranging from -20 dBm to -9 dBm.
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Figure 5-15. Simulated output power at fundamental frequency (Pf0) and second harmonic (P2f0)
versus input power for the 62-GHz LO signal generation circuit. PA output power is
also shown.
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Figure 5-16. Simulated output spectrum for the 62-GHz LO signal generation circuit when Pin=10 dBm.

119

The output power at fundamental frequency and second harmonic versus input power are
shown in Figure 5-15. The PA output power is also given. When the input power is higher than 12 dBm, the PA can provide higher than 10-dBm output and the LO signal generation circuit can
have second harmonic power (P2f0) greater than 0 dBm. The fundamental signal power remains
below -15 dBm up to -5-dBm input power. Figure 5-16 shows the output spectrum when the
input power is -10 dBm. The output power level of the 62-GHz LO signal generation circuit at 10-dBm input is almost the same as the standalone 62-GHz frequency doubler under -10-dBm
pump power shown in Figure 5-10.
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Figure 5-17. Simulated efficiency versus input power for the 62-GHz LO signal generation
circuit.
The efficiency versus input power plot is shown in Figure 5-17. The maximum efficiency
is 2.5% when the input power is -6 dBm. At -10-dBm input, the efficiency is 2.1%.
The transient waveforms at input and output are shown in Figure 5-18 where the second
harmonic signal at output can be easily observed. The maximum voltage swing across those
MOS varactors is less than ± 2 V under -10-dBm pump power depending on their biases, which
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is well below the reliability voltage limitation of ± 4 V. Figure 5-19 shows the transient
waveform for the MOS varactor with n-well node biased at -0.1 V.
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Figure 5-18. Simulated output transient wave form at output with -10-dBm input power for the
62-GHz LO signal generation circuit.
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Figure 5-19. Simulated transient waveform across a MOS varactor with 0.1-V n-well bias with
input power of -10 dBm.
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Table 5-4 summarizes the simulated performance of 62-GHz LO signal generation circuit.
The comparisons with other recently published CMOS frequency doublers at around 60 GHz are
also included. The LO generation circuit in this work has the highest conversion gain with
modest DC power consumption. Due to this high conversion gain, the input requirement is much
lower than others. However, the suppression of fundamental signal at output is relatively low
which degrades the LO phase noise performance. A higher order notch filter for the doubler or
another filter block should be included to improve this. Besides, the overall efficiency is not
high. This is probably due to the low PAE of ~18% for the 31-GHz driver amplifier and high
conversion loss of 9.5 dB for the 62-GHz frequency doubler. While other doublers in [132]-[134]
use active doublers which can provide certain amplification instead of adding loss without
consuming excessive power. The performance of the LO signal generation circuit has met the
design specifications listed in Table 5-2.
Table 5-4. Performance summary of the 62-GHz LO signal generation circuit
fout
(GHz)
58

Pout
(dBm)
1.2

Suppr.
(dB)
35

CG
(dB)
7.2

PDC
(mW)
26.4

Eff.
(%)
4.9

60

-10.3

25

-15.3

4

1.3

54.2

-4.5

49.2

-0.5

9

3.8

61.6

1.4

17

11.4

58

2.1

Topology

Tech.

Ref.

DA[1]+X2[2]+BA[3],
Pin=-6 dBm
X2,
Pin=5 dBm
X2+BA,
Pin=-4 dBm
DA+X2,
Pin=-10 dBm

0.13µm
CMOS
90nm
CMOS
0.13µm
CMOS
0.13µm
CMOS

[132]
[133]
[134]
This
work

[1]: DA—driver amplifier.
[2]: X2—frequency doubler.
[3]: BA—buffer amplifier.
5.4 Conclusions

The applicability of high Q thick gate oxide MOS varactor diodes fabricated in a foundry
CMOS technology for millimeter-wave circuit design has been demonstrated in simulation by
implementing a 62-GHz frequency doubler. The control voltage range and power handling
capability of the MOS varactor are increased with a distributed bias scheme where several shunt
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MOS varactors are biased for varying voltages at the n-well node. Combining with a high
efficiency mode-locking 31-GHz power amplifier, the doubler is able to generate a 1.4-dBm 62GHz output signal which can be used for the LO signal in a 77-GHz radar receiver. The signal
generation circuit has good input and output matching at the fundamental and second harmonic
frequencies. The DC power consumption is 58 mW and the power efficiency is 2%.
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CHAPTER 6
SUMMARY AND SUGGESTED FUTURE WORK
6.1 Summary

The insufficient high frequency performance of the MOSFET’s in the advanced CMOS
technology limits their applications in the upper millimeter-wave and even terahertz region.
Besides this, the lower breakdown voltage resulting from device scaling limits the power
performance of MOSFET’s.
To mitigate the problem, this research explored the possibility of using other devices and
techniques without modifying the existing foundry process. Schottky barrier diodes and p-n
diodes fabricated in standard CMOS technologies are shown to be useful for these purposes. A
distributed biasing scheme for accumulation mode MOS varactor diodes is also proposed to
enhance the power handling capability.
In this work, Schottky barrier diodes (SBD’s) with and without guard rings fabricated in a
130-nm foundry CMOS technology have measured cut-off frequency of ~2 THz and ~1.5 THz,
respectively. These are the highest cut-off frequency reported in CMOS up to the present and ~57X of that for MOSFET’s in the most advanced CMOS technology today [110], [111]. The
diodes can be used to implement upper millimeter-wave and even terahertz circuits. This will
provide a low cost and high integration solution for implementing terahertz systems.
The trade-off between the cut-off frequency and C-V nonlinearity of Schottky barrier
diodes has been studied and used for the successful demonstration of a 132-GHz varistor mode
and a 125-GHz varactor mode frequency doubler in the 130-nm logic CMOS process. The
doublers exhibit 14- and 10-dB conversion loss at 132- and 125-GHz output, respectively.
P-n diodes with equivalent on-resistance as an NMOS transistor have ~3X lower parasitic
capacitances and ~2-3X higher breakdown voltage in the 130-nm CMOS technology. Using a
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similar optimized layout as that of high Q Schottky barrier diode, a cut-off frequency of ~1.8
THz has been achieved for the diode [104]. The usefulness of this high quality diode has been
demonstrated by implementing a 60-GHz hybrid p-n diode/MOS transistor transmit/receive
(T/R) switch. The switch exhibits insertion loss of ~2 and 3 dB in transmit and receive mode at
60 GHz, respectively. The measured input 1-dB compression point which is limited by the
measurement setup is higher than 18 dBm. The isolation between the transmitter and receiver
ports is ~20 dB in transmit mode at 60 GHz. This T/R switch exhibits the highest power handling
capability among millimeter-wave switches fabricated in CMOS with low insertion loss. It shall
be possible to use this diode for T/R switch designs for operation at 100 GHz and higher.
A distributed biasing scheme is also investigated in simulation to improve the power
handling capability of the conventional MOS varactor diodes. By differently biasing the n-well
nodes of several shunted thick gate oxide MOS varactors, the voltage range over which varactor
capacitance varies and thus power handling capability are increased. Using this technique, a 1dBm 62-GHz signal is generated in simulation. This signal can be used as the LO signal of 77GHz heterodyne radar.
6.2 Future Work
6.2.1 Optimization and Characterization of Schottky Barrier Diodes

The techniques of optimizing the SBD performance have been demonstrated in a 130-nm
CMOS technology. The validity of this needs to be verified by characterizing optimized
structures in other more advanced CMOS technologies. The factors limiting SBD’s performance
in each technology should be understood.
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6.2.2 Performance Improvement of 60-GHz T/R Switch

The switching speed of the 60-GHz T/R switch is on the order of several nanoseconds,
which is much slower than the one in [99]. A 60-GHz T/R switch with faster switching speed
should be implemented in the future. The sizes of diode D1 and MOSFET MN2 as well as MN3 in
Figure 4-16 should be adjusted to balance the insertion loss for TX and RX branch. The
possibility of using the high breakdown voltage diode for handling even larger power at 30-dBm
or higher should be investigated.
6.2.3 Implementation and Characterization of 62-GHz LO Signal Generation Circuit

The 62-GHz LO signal generation circuit design needs to be verified by fabricating the
circuit in the 130-nm logic CMOS process. The performance of circuit using distributed and
fixed biasing schemes should be compared to understand the validity of distributed bias for
power handling capability improvement.
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